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Abstract

An improvement in efficiency of direct digital frequency synthesis (DDFS) systems is demanded for
low power frequency synthesis in wireless communications. Concurrently a reduction in cost is
important for disposable, low resolution frequency synthesis in biomedical instrumentation systems.
To meet both these needs a new ROM-less architecture is presented here that uses less than half
the circuit area of previous state of the art systems and improves the efficiency by operating at up
to a tenth of the power consumption. The main contribution presented in this thesis is a novel,
efficient method of interpolation for DDFS that uses the nonlinear response of the CMOS differential
switch already present in the high speed current steering DAC. The nonlinear response provides
a smooth transition between the conventional, quantised DAC output. This interpolation may be
performed with the conventionally discarded phase bits leading to highly compact and efficient DDFS
architectures for application in instrumentation and communications systems.

DDFS systems typically consist of a large overflowing accumulator to generate the phase, a ROM
lookup table to convert the phase to amplitude and a DAC to perform the digital to analogue con-
version. Approximations are often used to reduce the size of the ROM, however the most efficient
DDFS systems remove the ROM completely and calculate the phase to amplitude conversion directly
or store the conversion in a non-linear DAC. State of the art, high speed CMOS DACs consisting of
thermometer decoded arrays of current steering cells are often used to reduce non-ideal effects that
cause unwanted transients leading to a degradation in spectral purity (SFDR).

A novel ROM:-less technique is introduced here that uses the non-linear response of a current cell
consisting of an ideal current source and differential current switch to interpolate between the out-
put levels of a non-linear DAC. Using this technique two architectures are developed. A compact
architecture using only four or six current cells suitable for instrumentation applications and a ther-
mometer decoded architecture using 64 current cells for communications applications that require
better spectral purity. The compact architecture is 100% efficient as all the bias current is used to
form the output. The only additional component is a small linear phase DAC. One compact system
with a nonlinear DAC of four current cells achieved an SFDR of —40dBc up to output frequencies
of 1M H 2 for dielectrophoresis consumed only 5uW/MHz and a second compact system with a six
cell nonlinear DAC for electrical impedance spectroscopy, achieved an SFDR of —48dBc for output
frequencies up to 1M Hz and consumed only 8uW/MHz. As an extension to improve the SFDR a
segmented system with 64 current cells was developed. The larger number of current cells required
the use of a modified thermometer decoder that had the added benefit of improving the spectral
purity by linearising the response of each cell. The total active area was 0.6mm?, less than half of
state of the art ROM-less DDFS systems that include a DAC. Although measurement results of the 64
cell system were disappointing, simulations suggest that these problems may be solved in a future
chip that should be able to achieve —70dBc¢ SFDR at 100M H z. Despite the loss in performance from
simulation to measurement, the measured 64 cell system still meets the spectral purity requirements
of UMTS and Bluetooth, —60dBc SFDR.
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Glossary

AWG

Arbitrary Waveform Generator.

BSIM

Berkeley IFGET Model.

BT

Bluetooth communications standard.

DAC

Digital to Analogue Converter.

dB

Decibel scale.

dBc

Proportional power to fundamental or carrier in dB.

dBm

Decibel scale with reference to 1 milliwatt = OdBm.

DDFS

Direct Digital Frequency Synthesis.

DEP

Dielectrophoresis.

DFF

D-type Flip Flops.

DNL

Differential Non-Linearity.

DSP

Digital Signal Processor.

EIS

Electrical Impedance Spectroscopy.

EKV

The compact MOS simulation model proposed in [1].

FG

Function Generator.

IFGET

Insulated Gate Field Effect Transistor.

INL

Integral Non-Linearity.

LPF

Low Pass Filter.

NCO

Numerically Controlled Oscillator.

OPAMP

OPerational Amplifier.

PCB

Printed Circuit Board.

PPA

Parallel Pipelined Accumulator.

PTL

Pass Transistor Logic.

PW

Phase Word (input to the DDFS).

PLL

Phase Lock Loop.

ROM

Read Only Memory.

SFDR

Spurious Free Dynamic Range.

THD

Total Harmonic Distortion.

UMTS

Universal Mobile Telephony.

VCO

Voltage Controlled Oscillator.
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Chapter 1

Introduction and Background

The ability to create and finely control the frequency, phase, and amplitude of a signal is impor-
tant in many engineering systems including radio communications and instrumentation [2, 3]. For
example, instrumentation systems with sensors that measure impedance by comparison of signals
with fine phase and frequency resolution benefit from well controlled AC signal sources or frequency
synthesizers [4, 5]. In some instrumentation applications low power, inexpensive synthesizers are
desirable to create integrated arrays of disposable sensors [6, 7]. Another example of a synthesizer
application is the recent interest in spread spectrum techniques that alleviate congestion in the radio
frequency band by using fast frequency hopping and good frequency resolution to share a limited
bandwidth among many channels [8]. In mobile and wireless devices low power operation is of

importance to conserve battery power.

1.1 Thesis Statement

A new ROM-less direct digital frequency synthesis (DDFS) architecture is proposed to show that it
is possible to create compact and efficient DDFS systems through carefully controlling the nonlinear
response of the CMOS differential current switch by use of the excess input bits of a conventional

DDFS to meet the need for more compact and efficient integrated DDFS systems.

The main contribution presented in this thesis is a novel, efficient method of interpolation for DDFS
that uses the nonlinear response of the CMOS differential switch already present in the high speed

current steering DAC. The nonlinear response provides a smooth transition between the conven-



tional, quantised DAC output. This interpolation may be performed with the conventionally dis-

carded phase bits leading to highly compact and efficient DDFS architectures for application in in-

strumentation and communications systems.

1.2 Thesis Overview

The structure of this thesis is as follows. In the remainder of this chapter the theoretical basis of DDFS
and some application examples are described. State of the art DDFS systems are reviewed focusing
on power and area efficient designs. Chapter 2 presents the novel nonlinear interpolation technique
and MATLAB simulations are used to identify two architectures for the targeted applications. Further
MATLAB simulations investigate the effect of parameter variations in Chapter 3. Chapter 4 introduces
the first architecture that is based on a compact array of current cells and confirms the MATLAB pre-
dictions through circuit simulations. Chapter 5 outlines the second architecture that allows for arrays
of larger current cells and again circuit simulations are used to confirm performance. Chapter 6 dis-
cusses layout techniques and details the layout and test design of the prototype. The measurement

results of this prototype are given in Chapter 7. Chapter 8 concludes this thesis.

1.3 Synthesisers

A frequency synthesizer is an active electronic device which takes a reference frequency and, based
on a control mechanism, produces one or more frequencies which share the accuracy and stability of
the reference. These are preferred to single frequency sources due to the ability to tune frequencies

for either modulation or channel selection.

A simple, tuneable frequency source is based on a resonator circuit where the characteristics are
varied to set the frequency, for example in a voltage controlled oscillator. These circuits are used in
frequency synthesisers to improve the performance and broaden the operating range. Two popular
frequency synthesisers, DDFS and phase locked loops (PLL) are compared in Table 1.1. Currently
in CMOS, PLLs are faster and consume less power than DDFS and this is the reason why they are
dominant in wireless transceivers. However DDFS has many advantages that fit well with spread
spectrum communications, namely high frequency resolution and very fast and continuous switching

over a larger tuning range. This advantage is mostly due to the direct nature of DDFS compared to



the indirect, feedback based approach in PLL. There is great interest in improving the efficiency and
bandwidth of CMOS based DDFS to bring these advantages to wireless and portable communications

and instrumentation systems.

Attribute DDFS PLL
Frequency Resolution mHz kHz
Switching Time ns ms
Switching Effect phase continuous phase errors
Tuning Range DC to Nyquist limited by feedback loop
Phase Noise determined by f. worse then f
Bandwidth up to 1GHz up to 100GHz
Power Dissipation Historically High micro watts

Table 1.1: Alternative frequency synthesisers [10].

Advantages of DDFS over other frequency synthesisers are the ability to rapidly change frequency
(hop) over a wide frequency range and a very fine frequency resolution. In comparison to phase
lock loops, DDFS has no stability problems as it does not use feedback and can therefore support fast
and accurate frequency hopping. The stability and phase noise of the output is determined by the
reference frequency which is typically provided by a crystal resonator. This agile output, combined
with a natural digital interface, suggests DDFS is ideal for modern communications. DDFS is also a
good candidate for a instrumentation applications as the spectral resolution is directly determined
by the number of bits used in the system. By using a large number of bits it is possible to achieve a

resolution 6f mHz in a bandwidth of M Hz.

1.4 Direct digital frequency synthesis (DDFS)

All conventional DDFS systems are based on the Modulo-N architecture of Tierney, Rader and Gold
[9]. The architecture consists of an overflowing accumulator, a read only memory (ROM) and a
digital to analogue converter (DAC), Figure 1.1. The function of the accumulator is to generate an
overflowing digital ramp that represents the instantaneous phase of the output. This digital phase
word is then converted to the corresponding digital amplitude word by a lookup table stored in the

ROM. Finally, the digital amplitude word is converted to the equivalent analogue signal by the DAC.

Consider the example depicted in Figure 1.2. If the frequency control word or phase word, k is chosen
to be 3 and the accumulator size is L = 4 bits, the consecutive values of the accumulator output for
the first 7 cycles of the reference clock will be 0, 3,6, 9,12, 15,18. The size of the phase accumulator

is 2¢ = 16 < 18 so an overflow will occur with remainder of 2. Rather than 18 the accumulator
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Figure 1.1: The architecture of a conventional direct digital frequency synthesizer. First proposed by
Tierney, Rader and Gold [9].

contents will correspond to 2. k = 3 is continually added to this remainder and the accumulator
output will be the sequence: 2,5,8,11,14,17. Again an overflow occurs, this time with a remainder
of 1 and the next sequence is: 1,4,7,10,13,16. There is now no remainder. The process repeats with
the sequence: 0, 3,6....etc. (see Figure 1.2). If the reference clock is 1Hz then 3 overflows have been

completed in 16 cycles of the reference clock and the frequency 3/16H =z has been generated.

For an L-bit accumulator working at a clock frequency of f,.r, with an input word k the DDFS creates

an output at the frequency:

fout = fref * k/2L (1.1

Equation 1.1 shows that the stability of the output is based on the reference clock and that the output
can be controlled accurately and quickly, by changing k. More importantly the frequency resolution
is fres/2L, indicating that high frequency resolution is possible by using a large accumulator. Fur-

thermore, changes between these frequencies only take one clock cycle.

Consider again the conventional DDFS architecture shown in Figure 1.1. The accumulator output,
which represents a phase in the range of 0 to 2, is used to address a ROM lookup table that stores
the nonlinear phase to amplitude conversion. Each memory address in the ROM contains the am-
plitude of the sine wave at the corresponding phase. Therefore the output of the ROM is a digital

representation of the sine wave amplitude. This digital signal is then fed through a digital to ana-
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Figure 1.2: The output of a DDFS for a normalized frequency of 3/16. Adapted from [3].



logue converter (DAC) to create the required analogue sine wave at the same accumulator overflow

frequency.

The bandwidth of the output signal is limited to 1/2 the reference frequency due to the Nyquist
sampling rate. However in real systems unwanted spurs are introduced into the Nyquist band due
to constraints when building a real ROM and DAC. These degrade the spectral purity of the output

signal and are the focus of most DDFS research. The origin of the unwanted spurs will be discussed

in section 1.6.

The key measures of performance for DDFS systems are commonly specified in the frequency domain
and relate to the quality of the signal generated. The frequency accuracy and resolution are directly
determined by the number of bits in the accumulator, Equation 1.1. Conventionally the noise floor
and total harmonic distortion (THD) are the figures of interest for a synthesized frequency. The noise
determines a lower bound on signal power while the distortion or linearity determines an upper
bound. The noise floor of the output of a DDFS is dominated by two effects, phase and amplitude
quantisation, and the phase noise of the reference clock. The phase noise of the reference clock
is reduced at the output as the output frequency is always less than the clock. This leads to an
improvement of 20 x log( fout/ feir) dB [10, 11]. Hence quantisation will typically dominate the noise
floor as the reference clock in a DDFS is at least four times faster than the output and hence the
phase noise is 12dB less than the phase noise of the reference. The effect of phase and amplitude
quantisation are introduced in Section 1.6 and are typically chosen so that both have an equal effect

on the noise floor, i.e. two more phase bits than amplitude bits are typically used.

A quantitative measure of spectral purity, the spurious free dynamic range (SFDR) has become popu-
lar in giving an overall performance figure of merit for DDFS, DACs and amplifiers by describing the

tradeoff between noise floor and distortion, or linearity in one figure.

The SFDR is defined to be the difference in dB between the power at the desired output frequency
and the largest spurious frequency in the spectrum (labelled dB¢). The spurious tone may or may not
be harmonic and therefore the SFDR is a more faithful figure of the available dynamic range than
THD [12]. Many sources quote narrow-band SFDR [13, 14, 15] which assumes that a high order
low pass filter will be provided to remove spurs at higher frequencies. For inexpensive, low power
systems the whole bandwidth should be considered to avoid the need for additional filters which will

increase power consumption and cost.

To reduce the power consumption and cost both the ROM and the DAC are minimised. This intro-



duces two sources of spurious signals within DDFS systems which lead to a reduction in the SFDR.
Firstly the ROM size is minimised by using the minimum number of phase and amplitude bits. How-
ever this leads to approximation errors in the output. Secondly, an important source of error is the
imperfections in the operation of switches within the DAC and DAC nonlinearity which causes har-
monic distortion. A well-designed, compact, low power system needs to balance both types of error
to ensure neither the ROM nor the DAC consume an unnecessary amount of power whilst ensuring
the system achieves the spectral purity required by the application of interest. Many techniques have

been proposed to deal with quantisation errors and these will be discussed in section 1.6.3 after

considering some DDFS applications.

1.5 Applications of DDFS

Frequency synthesis has many applications. Those considered here are its use in communications
technologies and instrumentation systems. Communication technologies use frequency synthesis to
describe a common signal that can be accurately generated at the transmitter and receiver. One
of the advantages of DDFS for communications is the ability to quickly and accurately change the
carrier frequency (hop) to efficiently allocate many channels in a limited bandwidth by using spread
spectrum techniques. Instrumentation systems commonly use frequency synthesis as a standard,
reproducible source that can be used to guarantee the accuracy of a measurement. One of the
advantages of DDFS in instrumentation is its good frequency resolution that allows fine trimming or

calibration to remove variations in the synthesizer itself or in the rest of the measurement system.

1.5.1 Communications

The frequency synthesizer is one key component of communications transceivers. DDFS provides a
convenient interface between the analogue communications channel and the digital baseband pro-
cessing that has enabled Rofougaran and co-workers to integrate a complete transceiver on a single
CMOS chip [16]. CMOS is an attractive technology for this application due to its low cost and wide

use in highly integrated digital systems.

Equation 1.1 shows that the output frequency is very stable, can be controlled very accurately and
changed within one clock period simply by changing the frequency control word or phase word (PW),

k. DDFS offers a wide bandwidth by using the output of a large accumulator, leading Mitola to predict



fundamental changes in the architecture of radio transceivers [8]. More baseband processing may be
performed digitally and the front end analogue electronics minimised leading to a software defined
radio architecture where many channel characteristics, such as the carrier frequency, may be changed
dynamically [17, 18, 19]. The potential benefits of DDFS characteristics to wireless communications

systems has attracted significant interest [20, 21, 22, 13, 23, 24].

Bluetooth

A recent wireless communication standard in the ISM (Instrumentation, Scientific and Medical) radio
frequency band is Bluetooth (BT). The standard is aimed at replacing cables for communications over
0 — 100m. Commercially successful applications of BT have appeared in peripheral devices around
personal computers, wireless hands free interfaces with mobile phones and sensors in automobiles.
In many of these applications cost is a critical factor. One method of keeping costs low is a single

chip BT transceiver, preferably in low cost CMOS, with a minimum of external components.

One of the most important and challenging components of the BT transceiver to design is the fre-
quency synthesizer. The BT standard [25] allows for most of the BT transceiver to be powered down
when not in use to reduce power consumption. However the receiver is required to be turned on for
long periods of time to find a synchronisation burst sent from other BT devices, therefore low power

frequency synthesis is highly desirable.

The channel frequencies span 80 M Hz and continuously hop between channels at 1600hops/s. The
channel spacing is 1M H z with frequency accuracy of better than 1ppm. A DDFS frequency synthe-
siser for BT would require an accumulator of 20 bits and would be need to span the entire 80M H z
as each connection hops through the entire 80 channels. This may be achieved using reference fre-
quency of at least 160M Hz. The time division duplex (TDD) ! communication used in Bluetooth
enables the decoupling of the transmit architecture from the receive architecture as the transmitter
and receiver are never active at the same time. However to reduce both power consumption and

circuit size, the transmit and receive circuits should share the same synthesizer.

The transmitter specifications are defined in three classes. Class 1 has the highest output power of
20dBm while Class 2 has an output power of 4dBm and Class 3 is the default class with the lowest

output power of 0dBm. The transmit spectrum is defined by a mask that requires second harmonic

Time-division duplex (TDD) refers to duplex communications links where the up-link is separated from the down-link
by the allocation of different time slots in the same frequency band.



spurs to be less than —20dBm and other spurs less than —40dBm. This sets the SFDR requirement

of the transmit side for Class 1, —60dBc for Class 2, —44dBc and for Class 3, —40dBc.

Bluetooth devices are likely to be used in environments where there are a large number of devices,
for example the large number of peripheral devices that can connect to a PC. For this reason the
specification emphasises inter-modulation from interference between devices rather than range or
noise limitations. The SFDR of the receiver is set by the inter-modulation distortion of two devices
transmitting on adjacent channels. Low power Bluetooth devices will probably use the default, low
power output class 3 with output power of 0dBm (1mW). The specifications allow the signal to
attenuate 69dBm over 10m leading to a receiver sensitivity requirement of —69dBm. Demodulation
at the receiver requires a signal to noise ratio of 18dBm for the carrier to ensure a bit error rate of
0.1%, also part of the specifications. These set the noise floor of the receiver (N,;) to —87dBm. As
shown by Lee, SFDR is the interference level when the third order inter-modulation products of the
interfering devices reach the same level as the receiver noise floor, in decibels [12]. (The noise floor

is taken to be at the same level as the highest harmonic or non-harmonic spur.)
BTsppr = 2/3(I1P; — N;;) (1.2)

The 2/3 factor is introduced by the third order of the inter-modulation products [12] (11P3;) which

is given as —16dB. This leads to SFDR requirement of —50dBc¢ using Equation 1.2, [26].

UMTS: The universal mobile telephone standard

The universal mobile telephone standard (UMTS) [27] is the basis of the 3rd generation mobile
phone system to allow enriched data services over mobile devices such as video and multimedia.
UMTS uses spread spectrum to efficiently allocate the spectrum between a large number of users.
These services will be provided in conjunction with existing second generation standards. The UMTS
standard recommends a frequency resolution of 200kH z, a bandwidth of 60M Hz and a switching
time of 250us. The 60M H > bandwidth has been allocated to different service providers and the
maximum bandwidth required for a single operator is 15M Hz. The SFDR set by the transmit mask
levels for the standards is —58dBc [28]. The frequency accuracy is set by a requirement of less than
0.5 degree phase error in the transmitter. For the 200k H 2z frequency resolution this translates to a
frequency error of 278 Hz. To achieve this without placing a significant burden on the clock frequency

precision an 18-bit accumulator is required (Equation 1.1) in an integrated DDFS system.



1.5.2 Instrumentation

A review of the instrumentation literature shows the use of discrete, commercially available DDFS
in a wide range of instrumentation systems: AC metrology [29], determination of dielectric loss in
lossy capacitors [30], capacitance microscopy [31], blood volume meters [32], force sensors [33],
audiometers [34] and acoustic wave sensors [35]. A common theme is the use of DDFS to provide
an easily variable frequency source with good spectral purity and direct interface to digital electron-
ics. Low cost, integrated direct frequency synthesis is particularly useful in instrumentation systems
that require the generation of many phase related signals and low power is important when the sys-

tems are battery powered. Two examples given here are dielectrophoresis and electrical impedance

Spectroscopy.

Dielectrophoresis

A potential application for frequency synthesis systems is to generate the AC electric fields required
for AC electrokinetic phenomena. There are three different AC electrokinetic phenomena, dielec-
trophoresis, (DEP), traveling wave dielectrophoresis, (TWD) and electrorotation, (ROT), that can be
used to move, separate and characterise small particles such as cells within microsystems that are

variously known as laboratory-on-chip or biofactory-on-chip systems.

Dielectrophoresis (DEP) is the motion of suspended, electrically neutral particles in response to a
non-uniform electric field. This motion is caused by the interaction of the non-uniform field with the

poles of polarized, but otherwise neutral particles. Any electric field gradient causes a force
Fyep = 2nr3e Re(K (w)) VE? (1.3)
which depends upon the real part of the Clausius-Mossotti factor

6* _ 6*
Klw) = P~ M .
() €p+2x €}, (1.4)
where K (w) represents the difference between the complex permittivity of the particle (¢}) and
the suspension medium (e},). Since €* = € — jo/w this force depends upon the permittivity and the
conductivity of the particle and the medium. Over the past decade several groups have demonstrated
that it is possible to separate mixtures of different cells by careful selection of the frequency of the

applied electric field. For example in 1994 Becker and co-workers showed that it is possible to collect
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both blood and leukaemia cells in the high field regions of a micro-electrode array by applying a
frequency of 200 kHz to a sample. However, when the frequency is reduced to 80 kHz, the blood cells
became detached from the high field region. They could then be swept away from the microelectrode
array by a gentle flow of the suspension medium and thus separated from any leukaemia cells [6].
More recently Li and co-workers have shown that viable canola cells experience different forces to
nonviable cells over the frequency range of 10Hz — 5kHz [7] and Green and co-workers have shown
that rod-shaped viral cells experience DEP forces at frequencies of up to 1M Hz [36]. Hence the

useful bandwidth of the DEP phenomena is from close to DCup to a IM Hz.

The dielectrophoretic phenomena can be exploited in systems which employ DEP to concentrate,
separate and characterise cells [37]. The result is a system that can be designed to rapidly and
automatically perform a wide range of complex diagnostic tasks on small volume samples in a single,
miniaturised, low-cost package. This type of system has a wide range of applications in areas such as

medical and single-cell diagnostics, chemical detection and water quality control.

This type of system could be created using commercially available, discrete DDFS integrated circuits
for applications that require an AC electrokinetic signal with a SFDR of better than —50dBc. However,
the AC electrokinetic forces are proportional to the square of the generated electric field, Equation
1.3. This means that a voltage signal with a SFDR of better than —30dBc¢ will have a force at
the fundamental frequency that is a thousand times larger than that created by the largest spur.
Furthermore, the characteristics of cells exploited in AC electrokinetic phenomena vary relatively
slowly with frequency. Hence large frequency changes, such as the change from 200 kHz to 80 kHz
used by Becker and co-workers, are more important than absolute frequency accuracy. This relaxes
the frequency resolution requirements, reducing the number of bits required in the accumulator.
Finally, many applications will require a disposable system and a primary feature for any disposable
system must be cost and for an electronic component this equates to a compact, high yield integrated
circuit. The ideal DDFS system for dielectrophoretic based diagnosis is therefore one which combines

a SFDR of better than —30d B¢ with compactness and a high yield.

Electrical Impedance Spectroscopy
Electrical Impedance Spectroscopy (EIS) is a method of determining the impedance of the contents of

an object by measuring the impedance changes over frequency on the surface of the object. Typically

currents or voltages are induced into the object at known electrode locations on the boundary and
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the resulting voltage or current is measured. If a sufficient number of electrodes are used, and a large
number of independent measurements are taken, the impedance of the contents of the object can be
reconstructed from the measured electrical response. This impedance information can be used to
form an image of inside the object in electrical impedance tomography (EIT). The pixels in the image
represent conductivity changes, Ao over time or frequency. These conductivity changes are related

to the measured voltages, AV, in Poisson’s equation, expressed in matrix form:
AV = AAo (1.5)

The sensitivity matrix, A, is calculated either using an analytical model of the shape of the object
or using a finite element mesh. The matrix is inverted using a technique such as singular value

decomposition, and used to calculate, or reconstruct changes in conductivity from the measured

voltage changes:
Ag = AT'AV (1.6)

Impedance changes may be obtained from the reciprocal of the change in conductivity. As Holder
and co-workers point out it is important to collect a large number of independent measurements

because the reconstruction process, Equation 1.6 is ill-posed [38].

The advantages of imaging EIS over other imaging methods such as X-ray are low cost and safety.
EIS and electrical capacitance tomography have been successfully applied to wide range of industrial
processes [39]. There is active research on the use of EIS in the clinical environment [38] however
it has not yet been shown to be better than existing methods. Two examples where EIS would have
a large potential are in imaging of the breast where there are safety fears of using ionising radiation
such as x-ray or imaging of the brain as a low cost and portable alternative to MRI for diagnosis of

tumors or stroke.

Existing EIS systems use 12-bit data converters and digital signal processors (DSPs) for waveform
generation. The use of EIS in a clinical environment is limited by two sources of parasitic impedance.
Firstly the need for long electrode leads introduces parasitic capacitance and secondly the bioelectri-
cal interface at the skin introduces a complex impedance that has a frequency dependant capacitance
[40]. By integrating the electronics within the electrode in a wireless "active electrode’, instrumenta-
tion errors can be reduced and patient comfort may be increased by the removal of wires. One of the
major limitations is power consumption and hence this technique would benefit from a low power

frequency synthesizer. The conventional method of reducing skin impedance is to remove the dead

12



skin by using abrasion. There are safety concerns over the transmission of blood born viruses such as

hepatitis using this technique and thus a low cost disposable active electrode would be particularly

advantageous.

In existing systems the signal to noise ratio is 40dB and hence a DDFS with spectral purity better
than —40dBc would suffice [40]. Similar to the DEP application a wide frequency range is more
important than absolute frequency accuracy as the impedance differences in biological tissue occur

slowly over a wide frequency range from near DC to 1M Hz.

Hence EIS and DEP are two instrumentation application areas for DDFS that have been identified
both with relaxed spectral purity and frequency resolution requirements. These provide new needs

for very low cost, disposable DDFS systems.

1.6 Spurious signals in DDFS

A large phase accumulator capacity is required for high frequency resolution (for example over 18
bits to meet the UMTS frequency stability requirement of 200H z for a bandwidth of 200M H z, see
section 1.5.1). The ROM would be very large if all 18 phase bits were used. For example, if an 8-bit

word is used to represent the amplitude of the sine wave, then a memory of 64 M B would be needed.

Various ROM strategies may be used to implement a high speed, low power 64MB ROM in CMOS.
The conventional ROM is based on a two dimensional array of NOR gates with pull down transistors
in parallel or NAND gates based on pull down transistors in series. NOR arrays are the most popular
used as they are faster than NAND arrays. To increase speed most ROMs precharge during one phase
of the clock and evaluate in the other. The main source of power consumption is in precharging the
drain and bit line capacitance. Using the figures from a survey of low power ROM techniques by de
Angel and coworkers [41], a low power NOR ROM would consume in the order of 100 A at 100M H z
using selective pre-charge, voltage supply scaling and buffer sizing. By using charge recycling and
charge sharing techniques this may be reduced by an order of 10 to less than 8mW at 100M Hz in
an area of 0.51mm? [42]. This is a high power and size consumption considering that an analogue

output DDFS would also require an accumulator and DAC.

The conventional solution is to limit the ROM size by reducing the number of phase and amplitude
bits. However this can only be achieved by approximations that introduce distortion into the output

signal. This distortion appears as undesirable, spurious frequency components in the output that
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in turn degrade the spectral purity (SFDR). Additionally non-ideal DAC characteristics degrade the
spectral purity.

1.6.1 Approximation errors

In order to limit the size of the ROM, the number of output bits from the phase accumulator, L is
truncated to the first, W bits and the remaining, L — W bits are discarded. The consequence is a
phase modulation of the output. An estimation of the level of the largest spurious signals due to the

truncation of the phase bits is [43]:

Phase Truncation = 20log( Isp ) =& —6W dBc (1.7)

Qcar

where ag, is the power of the spur and a.,, is the power of the carrier, [3].

Equation 1.7 sets the number of separately addressable amplitude values that are stored as words in
the ROM. The number of amplitude bits are also quantised to a word-length of S and the consequence
is a spurious amplitude modulation of the output signal. The effects of amplitude quantisation can

be estimated as [43]:

Amplitude Quantisation = —6S — 13.5 dBc (1.8)

Equations 1.7 and 1.8 can be used to estimate the ROM size required to achieve a target SFDR. As a
general rule, there are 2 more phase bits than amplitude bits to make the highest phase truncation
spur component smaller than the amplitude quantisation noise floor [43]. The minimum required

phase bits and amplitude bits for the applications discussed in section 1.5 are listed in Table 1.2.

Application | SFDR(dBc) | min phase bits | min amplitude bits | min accumulator bits
BT -50 9 7 20
UMTS -60 10 8 18
DEP -30 S5 3 5t
EIS -40 7 5 7t

Table 1.2: Minimum SFDR and number of phase, amplitude and accumulator bits required by the
applications introduced in section 1.5. * The number of accumulator bits are set by the phase bit
requirements.
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1.6.2 Imperfections in high speed DACs

Spurious components in the DDFS outputs can also be introduced by imperfect operation of the DAC.
The output of the DAC is degraded by both static and dynamic errors. Static errors within high speed
DAGCs and the analogue circuit design techniques to overcome them have been well documented
in the literature [44], [45], [46]. All dynamic errors depend on bandwidth and are currently one
of the hardest problems in high speed CMOS DAC design and are an active area of research [47],

[48]. Dynamic errors important for DDFS applications include delays, settling times, and clock
feedthrough.

Static errors can be defined in terms of differential non-linearity (DNL) and integral non-linearity
(INL). DNL is the difference between two successive digital codes, measured in fractions of an LSB
while INL is the error between the analogue DAC output and the ideal output. INL can also be

thought of as the cumulative DNL error.

The most widely used DAC architectures are based on the binary code and the thermometer code.
A binary coded DAC uses a different number of devices for each bit. The N** device is given the
weight 2V where N is the number of bits. One of the drawbacks is that for a large number of bits
the difference between the MSB and LSB is large and hence the DAC becomes sensitive to parameter
variations. The thermometer decoder helps to reduce these effects by having a large number of
unused input codes. In a thermometer code the number of 1’s represents the decimal value or the
magnitude of the input in a similar way to the level of a thermometer represents a temperature.
The lowest number is represented by all bits equal to 0. If the input increases, more significant bits
will turn on and if it decreases less significant bits will turn off. In a thermometer decoded DAC the
number of 1s corresponds to the number of devices that are on and the Os the devices that are turned
off in a similar way to a linear string of LEDs that represent the magnitude or level of an input. The
weights of all devices are equal implying that the number of devices requires is 2V — 1 and only one

change between equal devices is made between two adjacent codes.

Monotonicity can be guaranteed if the deviation from the best-fit straight line (INL) is less than half
an LSB which implies that the DNL error is less than one LSB. Non-monotonic behaviour is usually
seen at the MSB transitions in binary-weighted DACs. Some DAC architectures such as thermometer

coded DACs are monotonic by design.
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Dynamic errors

Dynamic errors are mainly the result of delays between switching signals caused by parasitic impedance
[49], clock feedthough and digital crosstalk. These errors or ’glitches’ will cause the output to be in-
correct for an instant and the sum of these errors will reduce the spectral purity of the output. As
the clock frequency is increased dynamic errors become a larger portion of the period and the spurs

associated with these errors increase in power leading to a degraded SFDR.

In a binary encoded DAC the glitch is usually worse when more devices switch simultaneously. For
example in a binary encoded 3-bit DAC, a change in the input code from 3 (011) to 4 (100) will result
in all the current sources switching. The devices representing the first and second bits, 2° and 2%,
will be turned off and the devices representing 22 will be turned on simultaneously. In this example
only three devices are changing whereas in a large DAC many more will switch. In the example of a
3-bit DAC, if the devices controlled by the first two LSBs turn off before the MSB device turns on the
output will temporarily fall to zero. Alternatively, if the MSB device turns on before the LSB devices
turn off, the output will temporarily rise to its full value. The most popular way to reduce these
glitches is to minimise the number of devices which need to be switched simultaneously by using a

thermometer decoder.

Current mode DACs

For high bandwidth applications current mode converters are commonly used as they can drive a
resistive load directly at high speed without the need for output buffers. A simple current source is a
single transistor where the gate voltage is directly connected to the digital input so that the transistor
is switched completely on or off. The output is directly connected to the drain and the output current
will depend directly on the drain voltage because the output resistance is small. An improvement
is a cascode current source where a switch transistor is placed in series with the current source to
increase the output resistance of the current source. Problems with this design are the large clock
swings required to completely turn off the output current path. Large voltage swings lead to large

glitches at the output due to capacitive coupling.

A preferred current cell uses a differential pair which can switch currents with minimum drain voltage
excursions, Figure 1.3. In this circuit the current I;,s, is either steered to the output or steered to the

power rails depending on the difference between the gate voltage of each transistor, V;;, and V.. A
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particular advantage of the design is that the swing of the control voltage, Vi,,, < Vin < Vhign, may
be reduced minimising the voltage change required to switch current. Reduced voltage swings lead

to a reduced size of the resulting glitch. For this reason most high speed, CMOS DACs use this type

of current cell.
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Figure 1.3: A differential current switch. The current is steered between the two transistors by
changing the input voltage.

Clock feedthrough and digital crosstalk

When MOS switches are used to switch analogue signals with a digital clock there is capacitive
coupling between the digital switching signal and the sensitive analogue signal. This is referred to
as clock feedthrough and occurs at the rising and falling edges of the switching signal. As clock
feedthrough occurs every clock cycle, in the frequency domain there will be a spur at the clock
frequency, f.i. Clock feedthough has more effect for some phase words when the output frequency
is increased as the aliased frequencies interfere constructively in the Nyquist band as depicted in

Figure 1.4 [3].

In the time domain the effect will be similar to a glitch in current mode DACs where it causes an
error in the final value. The clock feedthrough can be reduced by decreasing the size of the coupling

capacitances or by decreasing the clock swing.

In current mode DACs the coupling capacitances are the parasitic capacitances of the MOS devices,
predominantly the gate to source capacitance, Cys. Therefore using minimum size MOS devices for
the switch should reduce clock feedthrough. However the on resistance of the switches increases with
smaller transistors which may decrease performance due to increased settling time. Where possible

a good compromise is the use of transmission gates where the on resistance will be low over most
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voltage levels. The NMOS device has a high resistance at low voltage levels but this is reduced by the
parallel combination of the low resistance of the PMOS device. At high voltage levels the situation is
reversed. The charge feedthrough will also tend to cancel as the PMOS transistor absorbs the charge

that the NMOS repels as it goes into its cut-off region [50].
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Figure 1.4: The position of dominant spurs in the output of a DDFS. (a), (b) and (c) show the effect
of clock feedthrough alias as the phase word is increased. Most DDFS systems report frequencies up
to F.;/4 (b). When the phase word is increased above an output frequency of F;/4 the spurs are
increased due to the mixing of clock alias (a). Adapted from [51]. NB SFDR is Narrowband SFDR
and WB SFDR is Wideband SFDR, ’a’ denotes the alias of the fundamental, i.e. ’9tha’ is the alias of
the 9th harmonic.

Techniques in the physical layout of the DAC, such as separate analogue and digital ground and guard
rings between the digital and analogue circuits, prevent charge leakage through the substrate and
can reduce clock feedthrough and digital crosstalk leakage to the analogue components. An effective

de-glitching circuit that also removes clock feedthough is a sample and hold at the DAC output [46].
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When a new output level is formed the DAC output current is initially diverted into ground while
the glitch occurs. After the output transition has occurred the sampler switches state and directs the
current to the output load. The disadvantage of this technique is the requirement of a sampling clock

that operates at a frequency of at least twice the frequency of the maximum data rate.

Even with good design and layout the glitch or clock feedthrough energy can never be completely
reduced. High speed CMOS DACs which employ the techniques described here are limited in SFDR
to —70 dBc due to remaining transient errors. Low-power versions are limited further to less than
—60 dBc due to the use of lower bias current. For example Van den Bosch and co-workers [48]
achieve a SFDR of between —60 dBc to —70 dBc for a CMOS DAC with bias current of 1 mA to
10 mA, while for bias currents less than 1 mA the SFDR remains worse than —60 dBc. Therefore it

is expected that CMOS DDFS systems will be limited to an SFDR of worse than —70 dBec.

1.6.3 ROM reduction techniques

Non-idealities in the DAC degrade the SFDR, however the digital signal at the output of the ROM
already contains unwanted spurious frequencies caused by minimisation of the ROM. With trun-
cation of both phase and amplitude the ROM is still the largest and most power hungry element
within the DDFS system. Hence there has been interest in techniques to reduce the ROM size further
[52, 23, 21, 53, 54, 55, 56] and a good summary is given by Vankka [2]. For example the symmetry
of the sinusoid 2 wave can be used to compress the ROM without any loss in phase or amplitude
information, however most methods are based on approximations that degrade the SFDR. All meth-
ods require additional circuitry that in some cases significantly limits the throughput and frequency
switching/hopping speed. A common theme is the tradeoff of additional circuitry overhead for im-
proved ROM compression. For example most techniques store the difference between the amplitude
and phase in the ROM and form the amplitude using an extra set of adders. One additional adder
per output bit is not a significant overhead compared to the logic required by the accumulator and
therefore the so called amplitude-phase difference method is used by all ROM compression tech-
niques except CORDIC. The CORDIC technique is an algorithm that can perform the entire phase
to amplitude conversion without a ROM 3, however the overhead circuitry includes adders, shifters,
multiplexers and registers. It is not suitable for high speed, low power applications due to the power

consumption and iterative nature of the algorithm and will not be considered further here.

2A sinusoid is a waveform shaped like the sine function. The waveforms of cosine and sine are sinusoids[57].
3In practice a small ROM is commonly used to store the known arc tangent to improve speed [2]
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Sinusoid symmetry
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Figure 1.5: The quarter wave symmetry of the sine wave may be used to reduce the size of the ROM
by four times. Adapted from [2].

Most ROM based DDFS systems store only a quarter (sin(0) to sin(w/2)) of the full period (sin(0)
to sin(27)) by using the symmetry of the sine wave, Figure 1.5. This is achieved by using the first
two MSBs to reform the full period. The first MSB is used to determine the sign of the amplitude,
(+sin(¢)) at the output of the ROM before it is passed to the DAC and is referred to as half wave
symmetry. The second MSB is used to determine if the phase, ¢, is increasing or decreasing and is
used before the ROM lookup table. Using both the first and second MSBs is referred to as quarter
wave symmetry. The quarter wave symmetry of the sinewave allows a compression of four times

without degradation of the SFDR.

Sine-phase difference

Any further compression requires an approximation. The sine-phase difference method was proposed
by Nicholas and co-workers [53] as a linear approximation to the sine wave. A ROM lookup table
that contains sin(¢n/2) — ¢ is used with an additional adder to calculate the amplitude, sin(¢n/2).

The maximum amplitude term is reduced by over four times:

maz(sin(dn/2) — ¢) = 0.21maz(sin(dr/2)) (1.9
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Leading to a saving of two amplitude bits. Vankka finds that the additional adder does not pro-

vide a significant burden to the DDFS system compared to the computational logic required by the

accumulator [2].

Interpolation and trigonometric approximation

An interpolation based system by Hutchinson [52] first proposed segmentation of the ROM. The ROM
size is halved by segmenting the amplitude information into a coarse approximation ROM then a fine
ROM is used to interpolate between the coarse values. The fine ROM uses smaller word lengths than
the coarse ROM because its dynamic range is reduced. The most popular approximation technique
that forms the basis for many segmented designs is that originally proposed by Sunderland and co-
workers [23]. In the original design 14 phase bits are used from the accumulator. The first two
are used for quarter wave symmetry and the next twelve are segmented into three four-bit blocks;

a<n/2 B8<(n/2)*(27%) and v < (7/2) * (278) such that:
sin(a + B+ v) = sin(a + B)cos(y) + cos(a)cos(B)sin(y) — sin{a)sin(B)sin(y) (1.10)
Due to the relative magnitudes of o,3 and v Equation 1.10 can be simplified to 4

sin(a + B+ ) = sin(a + B) + cos(a)sin(y) (1.11)

A saving of up to 11 times in ROM size can be made in implementing this function due to the
small magnitudes of § and + relative to a. The first term sin(A + B) is implemented in a coarse
ROM table and the sine-phase difference method is used to further reduce its size. The second term
cos(a)sin(y) is implemented in a fine ROM table that effectively interpolates between the values in

the coarse ROM, Figure 1.6.

Taylor approximation

An early chip by Qualcomm [58] used a Taylor series to compress the amplitude information. The
phase address ¢ is divided into an upper block a and lower block ¢ — a. The first three terms of

the Taylor series of the upper block is stored in three ROMs. Other inaccuracies in the DDFS system

‘COS(7) %1~ COS(B) and SIN(y) < SIN(B) << other terms hence SIN(y)SIN(8) =0
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Figure 1.6: Segmentation is a popular method to reduce the ROM size. This example shows the use
of a trigonometric approximation by Sunderland and co-workers, [23]. Note that the first term uses
the sine-phase difference method. A,B,C are the number of bits used to represent a,8,y.

override the finer accuracy provided by including any more terms [2].

ko(p — a)?sin(an/2)

sin(¢n/2) = sin(an/2) + k1 (¢ — a)cos(an/2) — 5

(1.12)

First Term Add all 3 terms

sin(an/2)—o
ROM

I
I
Add last 2 terms

--—

os(am/2)(o—ar)
Second Term
2 ; k cos(an/2)
i ROM
/

T

/
©-a) Third Term
~1/2k(¢p~0) sin(an/2)
ROM

Figure 1.7: An example of ROM compression by using a Taylor expansion. Adapted from [2]. Note
that the first term effectively uses the sine-phase difference method. a is the number of bits used to
represent a.

Figure 1.7 shows how the first three terms of the Taylor expansion are combined to give the upper
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and lower blocks and hence the amplitude. The size of the ROM has been reduced by 64 times.
However the method relies on two additional adders and a multiplier that negate the power savings
from compression of the ROM. This drawback was alleviated in a recent improvement of the Taylor
series method by Bellaouar and co-workers, [21]. Here linear interpolation is used to remove the
need for the storing the third coefficient of the Taylor expansion. The compression improved to

300:1 and low power logic methods are used to reduce the power consumption of the additional

digital components significantly.

Guess/correction methods

A guess/correction method is the so called sine-phase difference method introduced previously that
saves two amplitude bits. It is a straight line approximation y;(¢) = 2¢/w for 0 < ¢ < n/2 where the

output of the phase accumulator is used as the initial guess.

Two improvements of the sine-phase difference method are firstly the use of the 37¢ MSB by Yam-
agishi and co-workers [54] to improve the initial guess and save three amplitude bits; and secondly
the parabolic approximation by Sodagar and co-workers [55] to save four amplitude bits. These
techniques require overheads of extra addition, 2’s complement and digital multiplication circuits to

implement the improved compression.

These sine-phase difference techniques are generalised in the piece-wise linear approximation by
Langlois and co-workers [56]. Here n straight line approximations defined by two co-efficients are
used to form the sine wave. As with the Sodagar and co-workers parabolic technique, 4 bits of
memory word length are saved, but here the circuitry is reduced and simplified. Two adders and two

multiplexers are required rather than a full multiplier and 2’s complement.

1.6.4 ROM-less systems

A recent improvement for low power DDFS is the removal of the ROM entirely with the phase to am-
plitude conversion performed in digital circuitry or within the DAC. In the place of a ROM, Langlois
and co-workers propose a hardware optimised ROM-less phase to amplitude converter with equal

piecewise linear segments where

si(z) = m; x (x — 1/8) + y;, (1.13)
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The best slope (m;) and offset (y;) of each segment is evaluated by using a genetic algorithm. A
multiplier is avoided by representing the parameters of each segment as a power of two so that
adders and bit shifts may be used in the place of the multipliers. By deriving the Fourier series of the
output of a DDFSs whose sine amplitude converters use linear interpolation, Langlois and co-workers

show that the upper bound on the SFDR is

SFDR ~ 24 +40log s (1.14)

where s is the number of segments. Hence the SFDR improves by approximately 12dB for each
doubling of the number of segments. The Fourier series also reveals that the dominant spur is the

(4s — 1)** harmonic of the fundamental.

Author Segments Power Fy SFDR | On chip
(mW/MHz) | (MHz) | (dBc¢) DAC
Lee resistor string [59] 96 0.4 230 -55 Yes
Lee current mode [20] 192 0.8 300 -62 Yes
Mohieldin [60] 8 0.08 130 -59 Yes
Langlois [56] 8 0.1 125 -60 No
Bellaouar [21] 16point ROM 0.3 30 -60 No

Table 1.3: State of the art low power ROM-less DDFS systems. The design of Bellaouar is not
completely ROM-less as it contains a small ROM to correct for errors. It is included for comparison
as it is the most efficient DDFS system with a ROM with over 300 times compression from the
conventional system.

Using this method a system with 8 linear segments can achieve —60dBc. For this system, power
consumption was estimated to be less than 10mW at fy, = 100M Hz (0.1mW /M H z) in simulation,
making this design one of the lowest power DDFS systems ever designed. Moheildin and coworkers,
[60] propose an alternative design that includes a DAC and uses a nonlinearly weighted network of
resistors to provide the slopes of the piecewise linear segments, Figure 1.8. The technique has the
same SFDR performance as Langlois and co-workers, the SFDR improves by 12dB for each doubling
of the number of segments. However the power consumption is reduced to 8mW at 100MHz, a

significant saving as this system also includes the DAC.

The design uses the quarter wave symmetry of the sine wave so that the resistor networks only need
store a piecewise linear approximation of the first quadrant of the sine wave, sin(0 : 7/2). The
remaining phase bits are segmented into two parts (Figure 1.8). « is the MSB part, a bits long which
corresponds to the segment number. 3 is the LSB part, b bits long which is sent to a linear DAC. There
is a weighted resistor network, demultiplexer switches and buffers in each of the switched weighted

sum (SWS) blocks whose output is the voltage sum of the combination of resistors. There are two
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Figure 1.8: The ROM-less DDFS proposed by Mohieldin and coworkers [60]. The two differential
voltage outputs combine to form a sine wave using a differential amplifier.

SWS blocks one for each of the positive/negative half cycle of the sine wave. The output of the DAC
Vumrin < Vpac < Vamax is sent to the each of the SWS blocks that store the slope of the piecewise

linear segments, k such that the output of the SWS block when enabled (E=1)is given by

Vsws = Vinin  E =0 (1.15)
a—1 2 —1

VSWS = Z anmin + kaVDAC + Z anmam E=1 (1-16)
n=0 n:a+1

A system with 8 segments achieves an SFDR of —59dBc¢ and requires only a 5-bit linear DAC. How-
ever one critical part of the design is the matching of the resistors as any mismatch will introduce
distortion in the output signal. A normalized unit resistance AR/R,, of 0.4% is determined in

MATLAB simulations to ensure the SFDR is not degraded by resistor mismatch.

Another critical design parameter is the settling time of the linear DAC which is dependant on the
load impedance of the switches. An analogue demultiplexer is used to switch the linear DAC output
to buffers that drive the required number of resistors in a weighted resistor network. A fundamental
problem that limits the final bandwidth of the system is the effect of the load resistance of the
buffers between the linear DAC and the weighted resistors. The output of the buffers is finite but the
resistive loading is different for each buffer. Therefore each buffer is designed to have the same ratio

of output resistance to load resistance by using a unit device approach where a sub-buffer is the unit
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cell and the number of parallel unit cells in each buffer is inversely proportional to the desired output
resistance. Consequently the total current drain in all buffers is inversely proportional to the total
resistance, Ry in the weighted sum network. However Ry also determines the response time of the
circuit. Increasing Ry will increase the load on the linear DAC. Thus to keep the power consumption

low the design of Ry was optimised for fy, = 100MHz. The power consumption was 8mW at

100MHz or 0.08mW /MH z.

An alternative, faster ROM-less method that does not use any additional circuitry is proposed by Lee
and co-workers [59]. A nonlinear DAC provides both the phase to amplitude mapping and digital
to analogue conversion. Lee proposed two nonlinear implementations, a resistor string DAC which
had low power consumption but was limited to f.;, = 25M Hz and consumed a large area to ensure
matching between the resistors. The second implementation used a current mode DAC to increase
the bandwidth to f, = 300M Hz at the expense of increased power consumption. A segmented
architecture based on the trigonometric approximation used in the Sunderland technique, Equation

1.11 was used to reduce the power consumption [20] to that comparable to state of the art systems,
Table 1.3.

Comparison of the power consumption between DDFS systems is difficult due to the different imple-
mentations of parts of the architecture. Most authors reduce the power consumption of the accu-
mulator by using efficient architectures but do not quote separate power dissipation figures for the
accumulator, digital logic, ROM and possible DAC. Details from published state of the art systems
are shown in Table 1.3, where it is clear that the interpolation using linear segment approach of

Mohieldin and Langlois is the most efficient.

1.7 Summary

DDFS is an attractive method of producing spectrally pure signals with high frequency resolution and
fast frequency hopping for application in communications and instrumentation. Two instrumenta-
tion systems that would benefit from using low power and inexpensive integrated DDFS to perform
accurate measurements from DC to 1M H z, have been identified and described. A low power di-
electrophoresis based sensor for cell characterisation would require a spectral purity of better than
—30dBc and a low power, wireless active electrode for electrical impedance spectroscopy would

require a spectral purity of better than —40dBc to ensure accurate measurement.
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Another application area is mobile communications where low power operation is important to pre-
serve battery life in handheld devices. DDFS is well suited to spread spectrum techniques which
require high frequency hopping speed, good frequency resolution and spectral purity with low phase
noise. Specifications for an integrated CMOS DDFS synthesiser in the third generation standards
(UMTS) require a spectral purity of —60dBc, frequency accuracy of 5ppm and minimum bandwidth
of 15MHz. The low power output classes of the recent short range wireless protocol, Bluetooth

have more relaxed spectral purity of —50dBc with frequency accuracy of 1ppm and a bandwidth of

SOMH:z.

The spectral quality of the DDFS output is theoretically unlimited. However to reduce the cost and
power consumption the size of the ROM must be minimised, causing approximation errors and hence
spurious components in the output spectrum. In addition spurious errors are created by phase and
amplitude quantisation and imperfect operation of the DAC. A thermometer decoder can reduce both
static and dynamic DAC errors, although high speed, state of the art, CMOS DACs are still limited
in spectral purity to —70 dBc due to parasitic capacitances within the current switch. Existing direct
digital frequency synthesis (DDFS) systems use trigonometric identities, quarter wave symmetry and
interpolation to reduce the size of the ROM, however state of the art systems still have considerable

power consumption. The most efficient method is to completely remove the ROM and use a nonlinear

DAC.
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Chapter 2

Nonlinear interpolation technique

2.1 Introduction

Direct digital frequency synthesis is well suited to a wide area of application due to its fast frequency
hopping, good frequency resolution and digital interface. The need to provide a large ROM imposes
a relatively large power and area consumption and limits the bandwidth as large ROMs have slow
access times. One area of improvement is to reduce the size of the ROM. However as shown in
Chapter 1 most ROM compression algorithms are based on approximations that lead to spurious
errors due to quantisation. Approximations can reduce the ROM by up to 300 times, and the most
efficient way to miniaturise a DDFS is to take the approach of Lee and co-workers who remove the
ROM completely by combining phase to amplitude conversion and digital to analogue conversion in

a nonlinear DAC.

ROM:-less direct digital frequency synthesizers that are based on conventional nonlinear DACs require
2V current cells to produce an output with spectral purity limited to —6 NdBc¢ without any approxi-
mation. State of the art, high speed, CMOS DACs are limited to a —70dBc SFDR by transient effects.
To meet this performance a DDFS based on a conventional nonlinear DAC would require 2!2 cur-
rent cells. Lee has shown that the number of current cells can be reduced by using approximations,

however these techniques limit the spectral purity to —60dBc [12].

An alternative system is introduced in this chapter that aims to reduce the number of current cells
while improving spectral purity. This new method takes advantage of the nonlinear transfer function

of a differential current switch to interpolate between the contributions of each current cell. By
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carefully choosing the parameters of the differential switch transfer function a small array of current
cells can be used as a small nonlinear DAC with spectral purity that is comparable to state of the
art systems. This technique may be extended to improve the spectral purity further by using more
current cells and a modification of the conventional thermometer decoding technique. This chapter

introduces the novel nonlinear interpolation technique and provides predicted spectral purity using
MATLAB simulations.

2.2 Nonlinear interpolation DACs

The starting point for the proposed system is Lee’s system [59]. In a nonlinear current switched DAC
for cosine ! wave output DDFS the phase to amplitude conversion information is encoded within the
DAC bias currents. Exploiting the half-wave symmetry of the output means that the DAC only needs
to represent the output signal over the range between 0 and n. To represent a cosinusiodal output,

the bias current of the #t* circuit should be

Ipiasi = cos((i — 1)7/N) — cos(in/N) (2.1)

This is a real number and the accuracy to which the DAC cell can represent it will have an effect
on the amplitude resolution and spectral purity of the system. Lee scales the amplitude (Iy;os:) tO
2N for different values of N, where N is the number of current cells, and rounds the real number
to its nearest integer [59]. The rounding allows for good matching between DAC cells and ease of
layout. However it will decrease the SFDR. Lee presented a quadrature DDFS system incorporating
segmented nonlinear DACs that achieved a SFDR of —55 dBc with power dissipation of 92 mW for
synthesis of low frequencies (less than 100 kHz). More importantly with the first 2 MSBs used for
quarter wave symmetry, Lee’s design required N = 8 or 256 DAC cells for 10-bit phase resolution. The

method presented here aims to reduce the number of DAC cells by using each current cell efficiently.

2.2.1 Nonlinear interpolation

In the current cell of a conventional DAC, V;,, is either high or low and the cell output is one of two

values. However, by addressing the current switch with intermediate input voltages between Vg,

1A cosine function is described from here on as it simplifies the explanation of the novel nonlinear interpolation DAC.
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and V4, the current steering ability of the differential switch may be used to set the current output

at intermediate values between 0 and I, Figure 2.1.

The intermediate current values are obtained by holding the gate of one of the transistors (M2) in
the differential pair at a constant reference voltage, (V,¢s), while the input voltage is applied to the
gate of the other transistor (M1). When the input voltage is low (< V), the bias current flows
through M2, and when the input voltage is high (> Vi), the bias current flows through M1. The
input voltage swing (Vhign — View) should be small to reduce the glitches at the output (see section
1.6.2). To reduce the swing Vj,, is chosen so that M1 is just off, and Vj;4p is chosen to just turn
M2 off. The two transistors are of equal size and the input voltage swing is chosen symmetrically
around the reference voltage. Where possible the current I, is chosen in preference to o1 as Vzey

is constant and hence I, is less effected by glitches and clock feedthrough.

Ioutl} T [ou

y Current Switch

in Ml M2 Yef Iy
2

Ibias Current Source

A
2

Ibias

Figure 2.1: A differential current switch. The current is steered between the two transistors by
changing the input voltage. When V;,, is less than V,.; most of the current flows through the right
(Vzes) branch (M2) and I,y is less than Ipye. As Vi is increased the current in M2 decreases and
the current in the left (V;,) branch (M1) increases until V;, = V,.; where equal current (Ip;os/2)
flows in each branch. As V,, is increased further most of the current flows in M1 and I, is greater
than I,,2. Eventually all the bias current flows through M1 and I,yt1 =Ipias-

In order to derive a relationship between the input voltage and output current assume that the two
transistors of the current switch are matched and in saturation (Vy; > (Vs — Vi) where Vy, is the
drain to source voltage, V,; is the gate to source voltage and V; is the threshold voltage.). If the

current source is ideal, the current flowing through M2 is:

Iouto = (Vgs - Vt)2 (2.2)
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on MATLAB simulations the current and voltages are in arbitrary units. For these output signals the
dominant frequencies are the lower odd harmonics. As expected for small bias currents, when the

output resembles a square wave, the dominant harmonics are the 3rd harmonic at —10dBc (1/3)

and the 5th harmonic at —14dBc (1/5).

For a very small range in bias current ( when Vppese = 1/4I4i0s/8 @nd Ipies = 0.4) the magnitude of
the harmonics drop dramatically to less than —40dB and the SFDR of the output is optimum. This
is the region where the bias voltage resembles a sine wave, Figure 2.2b. At higher bias currents
the spectrum of the output signal approaches that of a triangular wave with the 3rd harmonic at
—20dB (1/9), the 5th at —28dB (1/25) and the 7th harmonic at —34dB (1/49). Overall, the results
in Figure 2.3 show that the circuit in Figure 2.1 can create a surprisingly good approximation to
a sinusoidal output at the optimum bias condition. However the optimum operating range will be
sensitive to changes in the bias current. For example small changes in the bias current reduces the
spectral purity of the single current cell to —25dBc. To achieve a high yield any analogue circuit
design must be able to allow for the inevitable variations of each device from the typical behaviour.

Hence a more robust system is pursued.

2.2.2 Compact systems

DDFS systems use more current cells to improve the spectral purity of the output waveform generated
by the DAC. The circuit architecture of an array of four current cells, each of which contributes
a segment of the cosine wave is shown in Figure 2.4. The reference voltages were chosen to be
uniformly spaced (AV;.r) and all four current cells share the input voltage. The input voltage is
chosen to span from half the reference voltage difference (AV;s/2) below V,.s (to ensure all current
is steered t0 Ioyt2), to AV,.5/2 above V¢p4 (to ensure all current is steered to Ioy). Hence Vig, =

Vrefl - AV;*ef/2 and Vhigh = Vref4 + AV;‘ef/2'

When the input voltage is Vj,,, all the reference transistors are on, I, is maximum and I,,; is min-
imum. As the input voltage increases from V), the first current source begins to steer current from
the reference transistor to the input transistor. As the input reaches V,.s1 + AV,.;/2 the reference
transistor in the first current cell turns off and the input transistor turns on. I, has dropped and
I, has increased. As the input continues to increase each of the other current sources steer current
from I,,¢9 to I,y in turn. To ensure that four current sources represent half a period the bias current

of each current cell must represent the changes in output amplitude over an eighth of a period, using
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Figure 2.4: A system based on an array of four current cells. The current outputs are summed
together using current summation at the output nodes. The input voltage is common to all cells and

the reference voltages are equally spaced between the current cells. The bias currents are chosen so
that the outputs form a sinusoid.

Equation 2.1:

Thios1 = co0s(0) — cos(m/4)

Tpias2 = C03(7"/4) - 008(71'/2)

Iniass = cos(m/2) — cos(3n/4)
(

Ijigsa = cos(3n/4) — cos(n)

The quarter wave symmetry of the cosine wave (about =/2) means that the parameters are duplicated
for half of the current cells (Jpins1 = Ipiasa and Ipiaso = Ipigs3). Furthermore, the 3 parameter for the
switch devices in each current source is chosen to ensure that (Z;,s/3) is the same in each current

cell. This is a requirement of this method as Vs, is constant and optimum operation is known to

occur when Vppese = 1/41pias /B from section 2.2.1.

The response of the array of four cells to a triangular wave input voltage, Vpqse, is shown in Figure
2.5. At low current levels the output current from each circuit saturates for small differential input
voltages. As a result, the output from each current source saturates before the output from its
neighbour starts to change. This introduces the eight flat regions per period clearly visible in Figure

2.5a.

As the current level is increased these steps begin to disappear and the output becomes more si-
nusoidal. When the input swing is the minimum for the switch to operate as a digital switch,
Vohase = V/41Ivias/ B, the response of the cells is near optimum with spectral purity of —40dBc (Figure

2.5b). As the total current increases further the response of each current source becomes more linear
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range is a significant design problem. Therefore a change in architecture is important to create a

working system.

The architecture is described in detail in Chapter 5 and its function is summarised here. From
Equation 1.7, to achieve an SFDR of —76dBc at least 13 phase bits are required to avoid phase
quantisation. The most significant bit is used to identify the half wave symmetry of the cosine wave.
The next 6 most significant phase bits are used to thermometer decode the array of 64 devices and
the remaining 6 phase bits are used to create the analogue interpolation voltage (Vppese). In a
conventional DDFS with 64 current cells these last 6 bits would be discarded. All current cells have
the same V... The 64 current cells represent half a period and therefore each is assigned a bias
current using Equation 2.1. The quarter wave symmetry of the sinusoid means that the parameters
are duplicated for half the current cells, hence there are 32 independent current, (Iy;5), parameters.

As in compact systems, the slope, Ij;,s/3 is kept constant and hence there are also 32 independent

gain, (), parameters.

For any given phase input the thermometer decoder determines how many current cells will be
switched fully on. Conventionally the rest of the current cells will be switched off. However to use
the cells more effectively, the analogue interpolation voltage, Vpp,se is fed to a particular current
cell that is at the intersection of the cells that are on and the cells that are off. Conventionally this
particular current cell is off. In the new architecture V4. is used to partially turn it on. Vppese causes
this current cell to interpolate between the amplitude value of the current cell preceding it and its
own full amplitude value, represented by its bias current. The circuit architecture and associated

logic to achieve this operation is described in Chapter 5.

2.3.1 Linearisation

One important feature of the segmented architecture is that the interpolation cell is only connected
to the analogue input of a single cell at any one time as each current cell receives the input voltage
over a limited phase range. By limiting the input voltage range of each current cell the proportion of
the nonlinear shape that contributes to the output can be modified. The response of the current cell
may be linearised by either decreasing the voltage difference |V;, — V;¢s|, or by increasing the Iy, /8
ratio, Figure 2.9. For example when increasing Iy, the Iy, /0 ratio increases, and the slope of the
interpolation decreases. Over a smaller input voltage range the response of the cell is more linear.

Reducing input voltage swing will make the system more sensitive to variations in the reference
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voltage and input voltage, making the system less reliable. Therefore linearisation is achieved here

by increasing the Iy, /3 ratio by increasing the amount of current in each circuit.
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Figure 2.9: Linearisation of the current cell response. By increasing the Ij;,s/3 ratio (small I, /3
to large Iy,s/8) or by reducing the voltage range from AV to §V for the large Iy;q,/8 curve, the
contribution of current §7 is more linear.

Number of Best SFDR Best SFDR SFDR from [22]
current cells | Nonlinear interpolation | Linear interpolation | Optimised linear
1 - 45 dBc - -
2 - 29 dBc - 19 dBc - 24dBc
4 - 40 dBc - 34 dBc - 36dBc
6 - 48 dBc - 42 dBc - 43dBc
8 - 54 dBc - 47 dBc - 48dBc
16 - 59 dBc - 60 dBc - 60dBc
32 - 69 dBc - 72 dBc - 72dBc
64 - 76 dBc - 84 dBc - 84dBc
128 - 82 dBc - 96 dBc - 96dBc

Table 2.2: MATLAB results showing the expected best SFDR for systems containing different numbers
of current cells. The nonlinear interpolation results are at a power efficiency of 100%, while the linear
results are at a power efficiency of 10%.

The performance of the systems with a linearised current cell response is shown in the third column
of Table 2.2. The linear interpolation results are significantly better than nonlinear interpolation for
systems with 32 cells or more. The improvement may be explained by the observation that a sinusoid
is more linear during the areas of greater change. The systems with less than 32 current cells were
better with nonlinear interpolation as the approximation in the maximum and minimum regions of
the sinusoid are poor with few linear segments. This is not surprising as the linearised response of

the one and two cell systems is a triangular wave.

An interesting observation emerges when the results in Table 2.2, column 3, are compared to the re-

sults reported by Langlois and Al-Khalili [22], (see section 1.6.4) that are listed in Table 2.2, column
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4, taking into account that they used quarter wave symmetry and hence the number of segments is
half those used here. Langlois and Al-Khalili used a detailed parameter optimisation to determine
the parameters, however a comparison with the results determined here shows little difference. The
results for more than two cells differ by at most 2dB. The similarity is surprising considering the
detailed optimisation method of Langlois and Al-Khalili when compared to the parameter selection
procedure presented here. This suggests the optimisation is not effective in improving the perfor-

mance. More importantly, systems with eight current cells or less have a better SFDR with nonlinear

interpolation.

2.3.2 Power efficiency

The results in Table 2.2 show that the spectral purity may be improved by linearisation for systems
with 32 current sources or more. When using nonlinear interpolation all the available bias current
is used to form the output waveform and hence the nonlinear DAC in the compact system is 100%
power efficient. By taking the linear part of the nonlinear response a fraction of the bias current is
not used to form the output and hence this system is less efficient than the compact systems. The
gain in performance is achieved at the expense of a reduction in power efficiency. Power efficiency
can be measured as the output current amplitude divided by the total bias current used to create the

output.
ef ficiency = Iyt /Zlpias (2.4)

The performance of an array of 64 cells versus efficiency is shown in Figure 2.10. There is a clear
tradeoff between the amount of current used to generate the output and the spectral purity perfor-
mance. The dominant harmonic is always the 127** harmonic in agreement with the Fourier analysis
of Langlois and co-workers [22]. In particular these results show that in the SFDR is —72dBc when
the 64 cell system is operated at an efficiency of 50%. This is likely to be limited by the performance
of state of the art low power, high speed CMOS DACs of —70dBc SFDR. This system would also be
able to meet the spectral purity requirements of the UMTS and Bluetooth specification at an effi-
ciency of 80% for the high output power class (—60dBc) and at 100% for the lower output power
Bluetooth classes (—50dBc). However these results are based on a first order model of transistor
response and do not take into account non-ideal effects of real circuits. Therefore the circuits are

simulated in more detail in Chapters 4 and 5 using the Cadence circuit simulator.
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mometer decoder to ensure that only one current cell is interpolating for any given phase input.
Segmenting the current cell array allows linear interpolation which improves the spectral purity of
the output by up to 8d B when 64 current cells are used. The drawback of using a linear interpolation

response is a loss in power efficiency as a fraction of the total bias current is used to form the output.

There is a clear tradeoff between the spectral purity improvement and power efficiency from —52dBc
at 100% to —84dBc at 10%. The transfer functions of the current switches are linear when only 10%
of the bias current is used to form the output and hence there is little improvement by decreasing
the efficiency further than this point. It is expected that an array of 64 current cells in the segmented
architecture will achieve an SFDR of —72dBc at an efficiency of 50%. The efficiency can be improved

to 80% and the SFDR degrades accordingly to —60dBc to meet the Bluetooth and UMTS SFDR

requirements.
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Chapter 3

Effects of parameter variations

3.1 Introduction

The promising results so far lead to an interest in a DDFS system with analogue interpolation. All
analogue circuits should be designed to be robust to variations inherent in the manufacturing process.
These create unwanted differences or mismatch between transistors. The output signal of the ROM-
less DDFS presented in the previous chapter will be distorted by the effect of mismatch and the
distortion will appear as spurs in the output spectrum, degrading the SFDR. Mismatch and hence
the unwanted spurs can be reduced by using large devices as the random variations are averaged
out over a larger area [61]. However larger devices will also increase the cost and gate capacitance

thereby limiting the speed of operation.

In this chapter the methods of modelling mismatch between transistors are reviewed and the effect
of parameter mismatch on the performance of the nonlinear interpolation system is simulated in
MATLAB. The results of these simulations will be used in a prototype design to determine the accuracy
of the transistors in the differential switch and current source. The viability of a resulting system will
be based on the yield, that is, the percentage of circuits that pass the specifications. The specifications
of interest are determined from the discussion in Chapter 1. Yield predictions will be given for the
systems that target the instrumentation applications requiring a spectral purity of better than ~30dBc
and —40dBc. Predictions will also be given for a DDFS system that targets the performance of state

of the art, high speed, CMOS DACs, -70dBc SFDR.

In this chapter the conventional approaches to minimising mismatch through circuit design are in-
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troduced. A common approach to ensuring that the ratio between two current sources is robust to
mismatch is to use combinations of unit devices with exactly the same geometry and orientation.
Although, this creates a design which is robust to mismatch it is only easy to implement if the ratio
of the two bias currents within the circuit can be approximated by the ratio of two small integers.

MATLAB is used to find appropriate integer values for this method.

3.2 Mismatch

Mismatch between devices in the nonlinear DAC will introduce errors in the approximation to a
cosine wave and cause distortion in the output waveform. The most widely used model of the
area dependence of mismatch is the Pelgrom model [61]. The Pelgrom model defines a mismatch
parameter for each of the two parameters of the first order MOS model, threshold voltage (V;)
mismatch, Ay, and transconductance (3) mismatch, Ag. Both are combined in a model of current
(Ipiqs) mismatch, oy /1. For transistors in the linear region [61], and saturation [62] the relationship

between mismatch and size of two identically drawn transistors with area (W.L) is:

For threshold voltage mismatch:

(Aw)?
W= WL B
where Ay, is an absolute matching parameter of typically 5mV u for an NMOS transistor.
For 8 mismatch:
2 2
% _ (Ao (3.2)
B W.L

where Ag is a relative matching parameter of typically 1%y for an NMOS transistor.

Mismatch will cause errors in the bias currents and the offset voltages. Both 8 and V; mismatch

contribute to variation in the output current of a transistor [62].

6 \2 81 2
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3.3 Current source mismatch

Mismatch between the current sources will cause errors between the bias currents of each current
cell. This is a problem in all current mode digital to analogue converters. Most use unit current
sources to efficiently implement large area transistors to reduce mismatch. Other techniques are
common centroid layout and calibration, however these techniques are difficult to arrange for a
high speed current mode nonlinear DAC as it is desirable to have the current switch close to the
current source to reduce delays. Common centroid layout of a nonlinear DAC would result in higher
parasitic impedances and a more complex routing scheme. Calibration requires a large ROM to store
the correct values and the overhead of the associated ROM access time. Whereas the goal of this
design is to avoid using a ROM in a DDFS system. Hence calibration and common centroid are not
used in this design, instead unit devices with sufficient area are used to reduce mismatch. To use
unit current sources the number of units required to implement each parameter of the nonlinear

parameter set and the minimum size of each unit device are determined using MATLAB.

3.3.1 I, determination

The current (I;,,) parameters, determined in MATLAB in Chapter 2, are scaled and truncated to form
integer numbers of unit devices to reduce mismatch. The 3 parameters are chosen to keep Ipies/8
constant. Truncation was performed in MATLAB by rounding up or down N x Iy;,s, depending on the
cumulative sum of the parameter, to ensure that truncation errors are not accumulated. The scaling
factor of N was arbitrarily chosen to provide suitable small numbers of unit devices. Starting with
rounding the first current cell parameter to the nearest integer, the cumulative truncated current,
Y Itryunc is compared with the cumulative un-truncated current, £1. If larger, (X/4rync > 1) the next
current cell is rounded down to the nearest integer, otherwise, (X4, <= ¥1I) and the next current

cell is rounded up.

Cell Ibias
1 and 4 3
2and 3 7

Table 3.1: Truncated 10 x I, for the four cell array.

The truncated values for systems of four, six and 64 cells are shown in Tables 3.1, 3.2 and 3.3. The
values represent the number of unit devices needed within each current cell. Hence a system of

four cells requires 20 unit current sources, a system of six cells, 60 unit sources and a system of 64
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Cell Ibias
land6 | 4
2and 5| 11
3and 4| 15

Table 3.2: Truncated 30 x Iy;,, for the six cell array.

Cell Ibias Cell Ibz'as Cell Tpias Cell Ibz'as
land 64 | 2 9and 56 | 20 [ 17and48 | 35 | 25and 40 | 46
2 and 63 3 10and 55| 23 | 18and47 | 38 | 26and 39 | 47
3 and 62 6 11and54 | 24 [ 19and 46| 38 | 27and 38 | 47
4 and 61 8 12and53 | 26 | 20and45| 41 | 28and 37| 48
Sand 60| 11 |13 and52 | 28 |21and44 | 41 | 29and 36| 48
6and59 | 13 [ 14and51 | 30 | 22and43 | 42 |30and 35| 49
7and58 | 16 | 15andS50 | 32 | 23and42| 44 | 31and 34 | 48
8and57 | 17 |{16and49 | 34 |24and41 | 45 |32and33 | 50

Table 3.3: Truncated 1000 x I, for the segmented system of 64 cells.

cells, 2000 unit devices.! These large numbers of unit cells emphasize the importance of finding the

smallest area of devices that are robust to mismatch and meet the specifications.

By truncating the parameters further, the number of unit devices could be reduced, however this
would have an adverse effect on the spectral purity. The level of truncation of the compact systems
was chosen at a level where the spectral purity did not degrade below their optimum, —40dBc and

—48dBc for the four and six cell systems respectively.

However the target performance of the 64 cell system is to meet an SFDR better than —70dBc,
the performance limit of state of the art, low power, high speed, CMOS DACs. The segmented
architecture allows the linearisation of the response that drops the efficiency to 10% and the SFDR
is —84dBc. A truncation level of the current parameter was chosen where the SFDR degrades to
—~72dBc. However there were substantial changes in the output spectrum, Figure 3.2. While the
spectrum of the response of the 64 cell system before truncation showed spurs above the noise
floor only at the 127t and 129*" harmonics (and the harmonics of these spurs, namely at 254, 258
and 381,387). Truncation of the current parameter introduced quantisation spurs throughout the
spectrum, the dominant spurs being the lower odd harmonics which degraded the linear SFDR to

—T72dBec.

!A direct comparison between the number of unit current sources required here and other designs can not be made
as the published work of other designs only report the number of nonlinearly related devices. How these devices are
implemented to avoid mismatch is unclear.

48









with 1.5% variation in Iy;,,, however the variation must be reduced to less than 0.4% to achieve a
SFDR of better than —70dBc, the performance of state of the art, low power, high speed, CMOS

DACs. Hence considerably larger current cells are required in the segmented system, although the

area is not excessive, approximately 3542 at Vy; = 1V, from Figure 3.1.

3.4 Current switch mismatch

The I;,s/0 ratio is encoded in each current cell by sizing the W/L ratio of the switch transistors.
Mismatch between the current switches of one current cell with the other current cells will introduce
mismatch in the I;,; /8 ratio between current cells, causing distortion in the output. The technique
also relies on good matching between the two devices of the differential current switch. Variations in

the transconductance (3), and threshold voltage (V;) between the two switch transistors within each

current cell will also cause variations in the output of each current cell.

3.4.1 Modelling § variations in MATLAB

Switch transistor 8 mismatch

To study the effect of within cell 3 mismatch on the combined output of all current cells, the transfer

function of the current cell can be expressed with a separate variable representing the variation in 3,

AB.

Iout

_ B+Aﬁ (Vref — Vin) . AB (Vin _Vref) _ Tbiqs _ (Vin _V;‘ef)2 1— (A,B>2
T2 2 ¢} 2 ¢} 4

(3.6)

Where V;, is the input voltage, V;.s is a constant reference voltage, Iy;os the current provided by a
constant current source. 3 is the average transconductance of the two switch transistors and Ag the

variation or mismatch between the two switch transistor geometries. The equation can be simplified
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by observing that A3/3 << 1 to become:

2

Iout

(3.7)

— B+AIB (Vref ’_Vi ) _ A,B (Vin_ Vref) Ibz'as (Vzn _Vre_f)2
2 2 B 2 V5 4

As expected this equation simplifies to Equation 2.3 when AB = 0.

Figure 3.5 shows the effect of variation in the 3 parameter for the systems of four and six cells. The
yield decreases with an increase in mismatch error as expected. To achieve a SFDR of —40dBc for
the instrumentation systems described in section 1.5 with the four cell system the variation in the 3
parameter needs to be controlled to within 0.3%. The variation requirement can be relaxed to 3% if

the six cell system is used. The variation in the 8 parameter needs to be controlled to within about

0.6% to achieve a SFDR —45dBc in the six cell system.

Figure 3.6 shows the effect of variation in the 3 parameter for the segmented system of 64 current
cells. The segmented system is much more robust to # mismatch than the other systems, due to
the use of linear rather than nonlinear interpolation, Figure 3.7. To meet the Bluetooth and UMTS
requirement of a SFDR of —60dBc the variation in 8 needs to be controlled to within 5%. To meet the
performance of state of the art low power, high speed, CMOS DACs of —70dBc SFDR the variation in

3 needs to be controlled to within 4%.

Switch transistor V; mismatch

To study the effect of V; mismatch of the switch transistors the transfer function of the current switch

can be expressed with a separate variable representing the variation in V;, AV;.

Iy = 5 5 — (3.8)

2
g (Lref Lin) AV \/Ibias (Lm L1'(3f | Att)2
2 T\ B 4

This equation simplifies to Equation 2.3 when AV; = 0.

Again to quantify the effect of V; mismatch in the current switches a series of MATLAB simulations
were performed. In each simulation a random number generator with a normal distribution was

used to determine the percentage error in V;. From Equation 3.8, AV; also represents the percentage

52












Parameter | Ip;, J5] Vi
Compact
Fourcells | 1% | 0.3% | 0.3%

Six cells
> —40dBc | 3% 3% 2%
> —45dBc | 1% | 0.6% | 0.5%
Segmented
> —60dBc | 1.5% | 5% 4%
> —T70dBc | 0.4% | 4% 1%

Table 3.4: Allowable percentage error required to ensure a yield of better than 90% of systems.

3.5 Summary

The matching requirements of the transistors in the current sources and current switches have been
estimated using MATLAB to reduce the effect of mismatch and guarantee a good yield. To easily
implement the parameters they have been truncated to ratios of small integers. Truncation caused
no detrimental effect on the SFDR of the compact systems. For the linear 64 cell system the SFDR
degraded to —72dBc due to truncation in the switch devices. However, this is still within the desired
requirement of meeting the spectral purity of —70dBc of high speed CMOS DACs established in

Chapter 1 and offers a margin of error over the UMTS and Bluetooth requirements of 10dB.

As expected, local variations caused by mismatch between transistors in the same circuit degrade
the performance of all systems. The effect of mismatch on the compact systems suggest a required
accuracy of 1% for the current sources. This is achievable using transistors of a small area. The
segmented system requires more accurate current sources with matching of better than 0.4%. This
will require larger devices, however this accuracy requirement is not too demanding. The segmented
system was more robust to variations in the gain, 8 and threshold voltage, V; of the switch transistors.
This is due to the use of linear interpolation in the segmented system. The simulated variation in V;
also captures the percentage variation in Vs and Vppese. All systems are less robust to variations
in V; than 8 because the V; term appears in the square of the first order model of the MOS drain
current, Equation 2.2. The accuracy requirements of the switch transistors are summarised in Table

3.4 and will be used to determine the transistor sizes in the following two chapters.
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Chapter 4

Circuit simulations and design of

compact systems

4.1 Introduction

MATLAB simulations of compact nonlinear DACs consisting of arrays of four or six current cells have
shown promising spectral purity results. Mismatch will not affect the yield if the variations between
the devices is controlled to within better than 1%. These accuracy figures will be used to determine

the minimum transistor sizes and the required bias voltages.

The MATLAB model used in the preceding chapters, is based on the first order model of transistor
behaviour which fails to take into account second order effects that may introduce distortion into
the output at all frequencies. The Cadence circuit simulation software is used in this chapter to
simulate the system in more detail. The BSIM 3 CMOS model [63] within Cadence uses over 50
equations to model various second order effects accurately, using parameters provided by the circuit
manufacturer. In addition the measurement data collected by the circuit manufacturer describes the
statistical behaviour of mismatch using the Pelgrom model, and this allows the yield predictions of

the previous chapter to be confirmed by Monte Carlo Cadence circuit simulations.

Of the other MOS simulation models (EKV, HSPICE level 28, MOS 9) that might be used to examine
the second order effects, EKV is the most popular and widely used. EKV [1] was designed to better
model low power MOS circuits by using models of device behaviour based on the underlying physics.

This leads to a model with only extracted 18 parameters rather than nearly 100 required by BSIM.
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EKV is also better at modelling the transition between above threshold and subthreshold which spans
nearly four decades of drain current [64]. Terry and coworkers find that both models are deficient
at modelling output resistance over a range of transistor lengths and BSIM is better at modelling
output conductance at short gate lengths. Hence there is no clear superior model. Unfortunately the

process parameters for the EKV simulation were not available at the time and hence all simulations

presented here use the BSIM model.

This chapter also presents the architecture of prototype circuits to test the nonlinear interpolation
DDFS concept for compact arrays of four and six current cells. The architecture consists of an ac-
cumulator, phase DAC and nonlinear DAC. The only superfluous addition to the system is the phase
DAC that provides the analogue interpolation voltage. The phase DAC is required to drive the gate
capacitance of the switch transistors in the nonlinear DAC. Hence one design choice is the current
output required by the phase DAC to ensure that there are no unwanted transient effects such as
glitches that degrade the output. This is simulated using the BSIM 3 model which includes parasitic

capacitances associated with the devices to enable more realistic modelling of the transient effects.

In this chapter the Cadence simulations of the compact systems at low frequencies are compared to
the MATLAB simulation results. Dimensions of the transistors used in the nonlinear DACs and the
choice of bias levels are given. The design of the phase DAC is then addressed by using Cadence simu-
lations at higher frequencies. Finally the entire DDFS system, including the accumulator is simulated

in mixed signal Cadence simulations to examine the spectral purity at higher output frequencies.

1st MSB for
one’s complement
.......... Y
XOR
Large Next
phase 8 bits
accumulator e ) Phase Non-linear
for 8 bits DAC »| DAC N
frequency 7 (linear) I\ (four or six .
resolution ' cell system) Sine output
:
1
l
: Analogue
—F . phase
remaining bits voltage
discarded

Figure 4.1: The architecture of a compact system. Nine phase bits are used to ensure that the system
is not limited by phase resolution
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4.2 Architecture of compact systems

The architecture of the compact systems with either four or six cells (Figure 4.1) is based on the
ROM-less DDFS architecture that was discussed in Section 1.6.4. The four cell or six cell compact
array of current cells is represented by the nonlinear DAC. A linear phase DAC is used to generate the
analogue input voltage that represents the phase, V,p5c. To ensure the SFDR of the six cell system is
not limited by phase quantisation 9 phase bits are used, (Equation 1.7). The half wave symmetry of
these bits is determined by the XOR block that uses the first MSB from the accumulator to take the

1’s complement of the next 8 MSB bits using the process explained in section 1.6.3.

4.2.1 Circuit simulation conditions

To determine the transistor sizes and reference voltages for the nonlinear DAC the following require-
ments need to be considered. The voltage rails in the manufacturing process are limited to 3.3V.
Within this voltage range a saturated current source, current switch and output voltage swing must
be allocated. In Chapter 2 a Vs of approximately 1V was allocated for the current source. Hence the
input voltage may be allowed to move over a range of approximately 2. However for the systems
with more than one current cell the input voltage swing is required to span the voltage range of all
the current cells. For this reason the four and six cell systems were simulated with a 200mV voltage
range for each current cell. These voltages were chosen with a compromise of limited phase accuracy

for voltage range.

4.2.2 Device sizes

The dimensions of the devices in the nonlinear DAC were chosen to ensure a high yield as a prototype
for the instrumentation systems described in section 1.5. With a Vj, of 1V the current source devices
within the six cell system need to be at least 8u? to reduce §1/I to 1% (Figure 3.1, Table 3.4). An
area of 10u2 was chosen and the dimensions of the unit device are W = 1ym and L = 10um. The
four cell system has a reduced input voltage range, therefore the gate voltage can be higher and the
current source devices are allocated a smaller area. An area of 3u? was chosen and the dimensions
of the unit device are W = 1y and L = 3u. Devices with small W/L ratios were chosen as they have

better matching than devices with large W/L ratios [65].
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In the four and six cell systems the V; mismatch dominates the effect of mismatch in the switch
transistors and hence determines the area. The four cell system has the smaller input voltage range
of 800mV with a mismatch requirement of 0.3% (Table 3.4). From Equation 3.1 and a typical Ay, of
5mV u the area of the switch devices for both the four and the six cell system need to be more than

5u2. The sizes are given in Table 4.1.

current cell | number of unit | switch transistors Vief:
index (2) current sources W/L (um) reference voltage (V)
four cells
1 3 4.3/2.2 1.9
2 7 10/2.2 2.1
3 7 10/2.2 2.3
4 3 4.3/2.2 2.5
six cells
1 4 4.05/3.5 1.7
2 11 11.5/3.5 1.9
3 15 16/3.5 2.1
4 15 16/3.5 2.3
5 11 11.5/3.5 2.5
6 4 4.05/3.5 2.7

Table 4.1: Current source, switch transistor sizes and reference voltages used in circuit simulations
of the compact systems. For ease of layout a constant length was chosen for the switch devices in
each system.

The total active area of the four cell system was 116um? and the six cell system 656um?. For reference
the area of a single pad is 10000um?2(0.01mm?), demonstrating that the four and six cell circuits are

extremely compact and suggesting that DDFS systems based on these DACs will be very small.

4.3 Low frequency circuit simulations of compact systems

Initial circuit simulations at low frequency were used to quantify the effects of transistor behaviour
such as limited output resistance (channel length modulation), body effect, leakage current, short
channel, and subthreshold operation on the performance of the circuits. An ideal piecewise linear
voltage source was used in these simulations to generate the analogue input voltage. This ensured
that any distortion was solely caused by the four or six cell circuits. As in the MATLAB simulations
of Chapter 2, the output current from the reference branch of the array current cells is chosen in
preference to output current from the input branches as the reference branch is less effected by

glitches and clock feedthrough.
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is important in signals of spectral purity better than —40dBc (see section 3.3.2). When the total
amount of bias current is decreased, the transistors are in subthreshold for a larger fraction of the

input voltage swing. Hence there is more discrepancy between the MATLAB and Cadence simulations

when the total bias current is decreased.

The most important conclusion of comparing the MATLAB simulation results to the Cadence simula-
tion results is that they agree that an ideal four cell system will have a SFDR of —40dBc and an ideal
six cell system will have a SFDR of better —48dB¢. The Cadence simulations use a more detailed
model] of transistor behaviour which explains the differences in the results between the two types of

circuit simulation. In this case the MATLAB simulations appear to be an underestimate of the SFDR.

4.3.2 Confirmation of the effect of variations

The Cadence and MATLAB simulations suggest that the spectral purity performance of the systems is
as good or better than the MATLAB predictions. However the choice of transistor sizes will determine
how robust the performance is to variations inherent in the manufacturing process. The control of
parameter variations by sizing the transistors appropriately using the mismatch analysis of Chapter
3, was confirmed in Cadence. These simulations used the BSIM 3 model and variation parameters of
the Pelgrom model (Section 3.2), which have been measured from manufacturing runs by the circuit
manufacturer. The results of 100 Monte Carlo simulations at the optimum bias voltage for the six cell
system indicated a yield of 79% for spectral purity better than —50dBc. For spectral purity better than
—45dBc the yield is 100%. The four cell system had a yield of 70% for systems with a SFDR of better
than —40dBc and a yield of 100% for systems with a SFDR of better than —35dBc. In agreement
with the earlier Cadence simulations at this operating point the dominant harmonic in the four cell
system is the 37¢ harmonic, while the 5 harmonic is the dominant spur in the six cell system. These
results confirm high yields for the compact four and six cell systems with SFDRs expected from the

MATLAB simulations.

4.4 Phase DAC

In the compact architecture (Figure 4.1) the nonlinear DAC is small and the current cells are 100%
efficient as all of the bias current can be used to form the output signal. A linear phase DAC is required

to form the analogue input signal. This is the only additional part of the system and therefore requires
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a careful design.

4.4.1 Phase DAC device sizes

A binary coded current switched architecture was chosen for the phase DAC for small size, high speed
operation and simplicity [44]. The phase DAC generates the analogue input voltage that drives the
gate of switch transistors in the current cells within the nonlinear DAC. Therefore the size of the
phase DAC current sources were determined by considering the effect of variations in threshold
voltage, V4, input voltage, Vpnese and reference voltages, V,. that were investigated in Chapter 3.
The variations analysis suggested that the analogue phase voltage at the output of the phase DAC
must be accurate to within 0.5% for the compact systems. Hence the phase DAC current sources
need to be matched to within 0.5%. This corresponds to a unit current source of area 8u? biased
with a gate voltage of 1.5V (see Figure 3.1). Higher gate bias voltages would enable smaller unit
current sources, to reduce cost, however the voltage headroom is limited by the input voltage range
required by the interpolation system of six cells (1.2V"). The switch transistors are of minimum size to
reduce the parasitic capacitances that cause clock feedthrough and increase glitches. One drawback
of using small switches is the increased on resistance that will increase the settling time of phase DAC
output. NMOS transistors are used as switches as they have higher charge mobility and hence lower

on resistance and clock feedthough.

There are N current cells within a binary encoded DAC. The first current cell is assigned a weight
of 1 and the N current cell is assigned a weight of 2¥. Hence the number of unit current cells
needed in a binary DAC is 2¥—1) and an 8-bit binary encoded DAC requires 255 current sources
which require an active area of 2040x2. The nonlinear array of six cells uses an active area of 656
hence the phase DAC is approximately four times larger than the six cell array. A current switched
phase DAC requires a resistor to change its output from a current to a voltage. In the process used, a
resistor is required to be at least 542 to achieve matching of 0.5%. For comparison, a resistor string
DAC would require 255 unit resistors of 542 or a total area of 1275u2. However the resistor string
DAC would not be as fast as the current switched DAC [44]. The phase DAC is required to form the
analogue input signal and will have a large impact on the size, power efficiency and bandwidth of

the entire system.
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4.4.2 Phase DAC power dissipation

The power dissipation and output current of the phase DAC are determined by the speed requirement
to drive the input capacitance at the gates of the differential switch transistors of the current cells
in the nonlinear DAC. In the compact architecture all cells are driven by the phase DAC at the same
time so the total capacitance will determine the bandwidth. The signal is required to drive at least six
switch devices, each of which occupy an active area of 7u2. These will have a combined capacitance
of less than 0.2pF (C,; is less than 5fF/u?). The current required to drive this load is determined
by i« = C x §V/6t where §V is 1.2V, the maximum voltage swing, and 6t is the rise time (2% of
the period!) of the fastest moving signal. This means that at least 10uA is required to drive the

capacitance at 10M Hz and 100pA to drive at 100M H z.

LSB SFDR SFDR SFDR

10pA 100pA 2001 A
0.1MHz | - 52.0 dBc | - 52.0 dBc | - 52.0 dBc
IMHz | -51.4dBc | - 52.0 dBc | - 52.0 dBc
10MHz | -42.7 dBc | - 51.4 dBc | - 52.0 dBc
100MHz | - 30.1dBc | - 41.7 dBc | - 51.3 dBc
200MHz | - 21.0 dBc | - 38.2 dBc | - 41.2 dBc
500MHz | - 21.0 dBc | - 34.0 dBc | - 35.3 dBc

Table 4.2: The transient performance of six cells.

Full analogue Cadence circuit simulations of the six cell system were used to determine the amount
of current required in the phase DAC of each system and hence give an indication of the required
rise time. In these initial simulations the linear phase DAC was driven by ideal voltage inputs that
represented an overflowing accumulator with a phase word of 1 loaded into the phase register. In
these simulations the fastest changing signal is the LSB. The transient performance is given in Table
4.2, columns two, three and four. As expected the results show that there is not enough current
to charge the capacitance when using a phase DAC with only 10p¢A of output current when the
LSB frequency is 10M H z or more. This is due to slowed rise times causing distortion in the analogue
phase voltage. This distortion introduces a strong second harmonic effect which is dominant over any
other transient effects. For a particular SFDR the current and LSB frequency are proportional. Hence
by increasing the current to 200 A, the bandwidth of the system is increased to LSB frequencies up

to 100M H 2z for SFDR better than —50dBec.

The four cell system requires at least 7 bits of phase resolution to ensure an SFDR of at least —42dBc

19% of the period is an arbitrary specification and the required risetime is determined by increasing the frequency in
simulation.
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LSB SFDR SFDR SFDR

10 A 50 A 100 A
0.1MHz | -40.0dBc | -40.0dBc | -40.0dBc
1MHz | -40.0dBc | -40.0dBc | -40.0dBc
10MHz | -38.4dBc | -40.0dBc | -40.0dBc
100MHz | -32.0dBc | -38.0dBc | -39.1dBc
200MHz | -28.3dBc | -36.8dBc | -38.0dBc
500MHz | -22.9dBc | -33.7dBc | -36.7dBc

Table 4.3: The transient performance of four cells.

the MSB for half wave symmetry, and a 6-bit phase DAC. The combined gate capacitance of the four
cell system is less than the six cell system as there are less transistors used, the analogue voltage
range is smaller and the spectral purity is relaxed by approximately 10dB. Table 4.3 shows that to
maintain an SFDR of —38dBc, the phase DAC that drives the four cell system is required to draw at

least 10pA of current for LSB frequencies up to 10 M Hz, 50u A for LSB frequencies of 100 M Hz and
100u:A for LSB frequencies of 200M H z.

4.5 High frequency and mixed signal circuit simulation

The simulations in previous sections were performed using a fixed phase word. The transient per-
formance results in Table 4.2 and Table 4.3 are from full analogue simulations with a set of eight or
nine ideal voltage sources representing the output of an accumulator with a phase word of one. It is
difficult to specify ideal voltage sources to represent an accumulator overflowing with phase words
greater than one as all 2V combinations need to be coded by hand. Cadence provides the capability
of simulating some parts of a system with a digital simulator such as Verilog and other parts with the
analogue simulator (Spectre). These mixed signal simulations provide more flexibility in specifying
the digital components of the system. The effect of generating higher output frequencies was there-
fore studied using the mixed signal simulator to generate the output of an accumulator with various
phase words. One limitation of the mixed signal simulator was a restriction within Cadence to clock

frequencies of 5M H z, 50 M Hz and 500M H z.

4.5.1 Mixed signal simulation

In the six cell system at least a 9-bit accumulator is required to provide 9 phase bits to ensure the

SFDR is not limited by phase truncation. By removing the need for a ROM and reducing the number
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of current cells significantly, the accumulator consumes most of the power and area in the DDFS
system [67] and [68]. For applications where better frequency resolution is required the low power
accumulator presented in section A.1 could be used. At the interface with the accumulator the first
MSB from the accumulator is used as an input in a bank of XOR gates which take the 1’s complement
of the next 8 most significant bits. This allows the system to use the half wave symmetry of the cosine
wave to halve the number of required current sources. The eight bits from the XOR block are used
to generate the input waveform using the small, binary encoded 8-bit linear phase DAC. By using 9

phase bits from the accumulator to generate the input to the nonlinear DAC the system is not limited

by phase truncation in the following simulations.
A 9-bit accumulator can be specified in Verilog as follows:

module accum9 (A, B);

output [0:8] A;

input [0:8] B;

reg [0:8] A;

initial A = 0;

always

#2 A = A + B;

endmodule

The phase word can then be specified as the input B. The output A is used to address the phase
DAC.

4.5.2 Settling time of the phase DAC

The output of the phase DAC was simulated using the mixed signal simulator when driving the four
cell system and the results are shown in Figure 4.5 for clock frequencies of SMHz, 50MHz and
500M Hz. The effect of quarter wave symmetry can be seen in the height of the largest glitch at
the second MSB transition. As expected it is positive in the first half period and negative in the
second half period. The settling time is 5ns when fu, = 50M Hz and the degradation of the SFDR
with increasing phase words is acceptable. However when the clock period is reduced to 2ns, i.e.
500M Hz the settling time is longer than the clock period and the DAC signal never settles to its
desired value. This limits the clock frequency to less than fq, = 500M Hz. Despite the poor quality
of the phase DAC output at 500M H z the four cell system attained a SFDR of —36dBc and the six cell
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simulations to represent these parasitics and the filtering effect improved the SFDR to —40dBc at

1M Hz. Hence the load acts as a good enough filter to reject the aliased output.

A similar effect was observed in mixed signal simulations of the six cell systems with an identical
phase DAC used to generate the interpolation voltage, Figure 4.7. The unfiltered spur degrades from
the optimum SFDR at 100kHz due to the larger gate capacitance of the six cell array. The filter-
ing effect of the parasitic output improved the performance to —50dBc at 1M Hz output frequency.
As the phase word is increased the dominant harmonics of the clock alias spur begin to construc-
tively interfere with the dominant harmonics of f,,;. For example there was degradation in SFDR to
—48dBc when the phase word was increased to 51 with fu, = 5SMHz (fos = 0.498 M Hz) while at
far = 50M Hz and PW=5 (f,,: = 0.488 M Hz) there was no degradation in SFDR. Therefore increas-
ing fout by increasing the phase word degrades the SFDR more than increasing fo,: by increasing the
clock frequency. This is expected as increases in the phase word cause larger voltage changes at the
gates of the current switches as well as faster changes, while increases in clock rate only increase the
frequency of changes, not the magnitude. This suggests that the performance is limited by an effect

of loading on the phase DAC, however the phase DAC uses a large amount of current and hence was

not modified further.

4.6 Power dissipation

Component Current Voltage Supply | Power Dissipation
(nA at 100M Hz) (V) (uW/MH?z)
Four cell system
Nonlinear DAC 20 3.3 0.66
Linear Phase DAC 100 2.6 2.6
8-bit XOR Complementor 4 3.3 0.1
8-bit Accumulator 40 3.3 1.3
Total 4.7 |
Six cell system
Nonlinear DAC 30 3.3 0.99
Linear Phase DAC 200 2.8 5.6
9-bit XOR Complementor 4.5 3.3 0.1
9-bit Accumulator 45 3.3 14
Total | 8.1 ]

Table 4.4: Power dissipation breakdown of the compact systems. The total power dissipation is over
10 times less than state of the art systems (see Table 1.3).

The bias current for best spectral purity in the four cell system was 20pA and in the six cell system
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30pA. A phase current of 100pA was required to operate the four cell system at 100M Hz and 2004
to operate the six cell system at the same frequency due to the increased capacitive loading and
improved spectral purity. A larger current for the phase DAC is acceptable as it operates from a lower
supply voltage, see Table 4.4. Low power accumulators that use paralleling and pipelining (see
Appendix A) are able to operate with less than 0.05uW /M Hz per bit. Hence the expected power
dissipation is 0.005mW /M Hz for the four cell system and 0.008mW /M Hz for the six cell system

(Table 4.4). Despite using most of the power in the phase DAC, these figures are over 10 times less

than state of the art systems, Table 1.3.

4.7 Summary

Detailed circuit simulations of the compact systems are encouraging and predict an improved spectral
purity over the MATLAB simulations. These simulations suggest that the SFDR of the six cell system
can be improved by 2dB to better than —50dBc SFDR due to the smoothing effect of transistors
operating in subthreshold. The transistors of the current cell are in subthreshold when the current
cell is turning on or off. In the first order MATLAB model the transistors turned on or off with a sharp

discontinuity.

The only additional component needed in the compact systems is a small binary encoded phase DAC.
This DAC is used to create the analogue input phase voltage required for interpolation. The size of
the phase DAC is equivalent to the size of the six current cells combined. This large size is required to
ensure the linearity of phase DAC output is not affected by mismatch variations. Unwanted transient
effects caused by the phase DAC can be controlled by increasing the current output of this DAC so
that it is able to drive the gate capacitance of the current cells of the nonlinear DAC. To drive the
system at clock frequencies of 100M H z the current dissipation in the phase DAC is greater than the
output current, however the total power dissipation in the four cell system is less than 5uW/MHz

and in the six cell system 8uW/MH z.

As expected transient effects at the output of the phase DAC degrade the spectral purity at high output
frequencies where the harmonics of the clock alias spur combine constructively with the dominant
spurs. However appropriate use of low pass filters enables the spurs to be suppressed. In the four cell
system a low pass filter at 8M H z, formed by the output load and the parasitic capacitance of the pad
pin, reduced these spurs to less than —35dBc when the output frequency is 1M Hz and hence these

systems are suitable for the instrumentation systems discussed in Chapter 1 with a margin of error
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of 5dB over their SFDR requirements. For the six cell system better than —40dBc¢ SFDR is expected
with a yield of 100% at clock frequencies up to f.x = 50M Hz, suitable for integration in active
sensors for electrical impedance spectroscopy. The four cell system is expected to operate up to the

same frequency range with SFDR better than —35dBc and 100% yield, suitable for dielectrophoresis

application for cell characterisation.

The yield of six cell systems with spectral purity better —50dBc SFDR is expected to be 79%. This
spectral purity is within the requirement of the Bluetooth specification for the low output power
classes 2 and 3. However at output frequencies of greater than 1M Hz, transient effects degrade the
performance. Hence this system is not appropriate to generate the 80M H z bandwidth required by

the Bluetooth specification. The 64 cell segmented architecture will be investigated for this applica-

tion in the next chapter.
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Chapter 5

Circuit simulations and design of

segmented systems

5.1 Introduction

The ability to digitally synthesise sinusoid waveforms with good spectral purity at low power con-
sumption is important in wireless handheld devices. It was predicted in Chapter 2 that the nonlinear
interpolation system with 64 or more current cells should be able to generate signals with a SFDR of
better than —70dBc. This is the target of the segmented system presented in this chapter. Nonlin-
ear interpolation systems with more than six current cells require a change in architecture from the
compact system to a segmented architecture where each cell represents a particular segment of the

output waveform.

This change in architecture is required due to four limiting effects. Firstly the limited voltage range
available in low power CMOS restricts the number of current cells that can be arranged within
the power rails whilst keeping the transistors within the current cells saturated. The bias voltage
of the current source requires some headroom to keep the variation within the 0.4% requirement
determined in Chapter 3. Secondly the limited accuracy in setting reference voltages restricts the
number of cells that may be individually selected within a single input voltage range. Thirdly the
effect of mismatch on the threshold voltage of switch devices of each current cell places a lower limit
on the voltage swing per current cell. In Chapter 3 the allowable variation in threshold voltage of

the switch devices was determined to be 1% of the phase voltage swing. Finally transient effects
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introduce glitches which cause high frequency spurs in the output spectrum. Design techniques used
in high speed current switched CMOS DACs such as thermometer decoding, reduced voltage swings

and latches will be used to combat these unwanted transient effects.

A possible architecture, introduced in Chapter 2, uses a modified thermometer decoding technique
to address an array of current cells. The phase bits that are normally discarded in a conventional
system are used with the phase DAC to create the analogue phase input. A 64 cell system was
chosen for further study to demonstrate an improvement over state of the art DDFS systems with
a SFDR of better than —70dBc. This chapter examines the impact of second order and transient
effects on the spectral purity of the 64 cell segmented system by using the Cadence circuit simulation
tool. The circuits required to implement the 64 segmented cell architecture are a phase DAC, a
modified thermometer decoder and a modified current cell for the nonlinear DAC. These circuits are
introduced in this chapter and the entire system is simulated using the Cadence mixed signal circuit
simulator. Statistical information from the circuit manufacturer is used to confirm the correct sizing
of the transistors to achieve the accuracy suggested by work in Chapter 3 for a high yield of working

circuits.

5.2 Architecture of segmented system

Conventional
Non-linear

(W-1) MSB DAC Currents
/ Thermometer ‘ summed
Decoder | emmmmmm o . L
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---------- Analogue Phase
Interval
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Figure 5.1: The architecture of the segmented system. A conventional thermometer decoded ROM-
less DDFS is shown by the unbroken lines. The dashed lines show the additional components required
for the segmented interpolation architecture.
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The defining difference between the compact and segmented systems is the architecture. While the
compact systems used a small number of current cells and a small number of voltage references, for
a system with 64 cells, too many voltage references within the limited voltage range are required.
Hence the popular thermometer decoding method is modified to create an architecture that is able

to interpolate between 64 current cells using only one reference voltage.

Thermometer decoding reduces glitches by ensuring that the switching is monotonic. The ther-
mometer decoder can be viewed as a linear string of N current cells which are indexed by the digital
phase input. For the output to represent a cosine function, the it* current cell should represent
cos(im/N) ~ cos((i — 1) /N) for phase in the range 0 to #. The cosine function in the range 7 to 27
can be generated by explojting the symmetry of the cosine function. This can be achieved by taking

the ones complement of the phase bits before the input to the DAC by using the first MSB of the
phase bits and a bank of XOR gates.

A nonlinear DAC for DDFS that meets the performance specification of having a SFDR better than
—72dBc requires 13 phase bits to ensure the system is not limited by phase truncation. In a con-
ventional architecture, using the first MSB for half wave symmetry, the nonlinear DAC would require
2(13-1) = 4096 current cells. The segmented method presented in section 5 suggests that each cur-
rent cell can be used more efficiently by using interpolation to reduce the number of current cells to

as few as 64.

To understand how interpolation can be used to reduce the size of a nonlinear DAC consider the first
P bits of the phase accumulator (Figure 5.1). The first MSB is used to determine the half-period and
the remaining bits are used to address a conventional nonlinear DAC. In a conventional system the
number of phase bits are truncated to (W-1) bits to reduce the number of current cell units. Alone
this will limit the SFDR to -6W dBc due to phase truncation. To improve the SFDR the remaining
phase accumulator bits (P-W) may be used to create an analogue voltage (Vppqse) that partially turns
on a single current cell inside a copy of the conventional DAC labelled the interpolation DAC! in
Figure 5.1. The combined output of the two DACs is an improvement in SFDR of up to -6(P-W)
dBc. The analogue phase interval voltage may be produced by using a small linear phase DAC that is

addressed with the P-W accumulator bits.

To determine which current cell in the interpolation DAC should receive the analogue phase volt-
age consider the operation of the conventional DAC. The most significant bit is used for half wave

symmetry and the next 6 most significant bits for the thermometer decoder. At any one instant only

This DAC is interfaced with both a digital address (the thermometer decoder) and the analogue input function, Vphase-
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current cells 1 to J may be contributing to the output. In a system with 64 cells the combined sum of
the outputs should represent the amplitude for a phase of Jx/64. Using the conventional thermome-
ter decoder the maximum SFDR for a conventional system is (—6W = —42dBc for W = 7). The
conventional method of improving the SFDR is to increase W, and increase the number of current
cells. However if we drive the current cell that is just about to turn on, i.e. the (J + 1)** current cell,
of the interpolation DAC with an analogue phase input, (formed using the remaining (P-W), phase
bits), then this current cell will contribute a fraction of its current to the output. In effect this cell is
performing interpolation between the absolute outputs available from a conventional DAC. Therefore
only the (J + 1) current cell in the nonlinear DAC should receive the analogue phase voltage. In
this way the phase truncation limit on SFDR for 64 current cells is increased up to —6P = —78dBc
for P = 13. The cells addressed in the conventional and nonlinear arrays are mutually exclusive and

hence may be combined if an appropriate switch is used, see section 5.2.2.

5.2.1 Thermometer decoding

Thermometer decoding is popular in the design of DACs to reduce static and dynamic errors. One
example of decoding logic for an array of 64 thermometer decoded current cells splits 6 address
bits into 3 MSBs and 3 LSBs which address a two dimensional array of 64 current sources, shown
in Figure 5.2. Generally the conventional thermometer decoder has two decoding stages, the first
n MSBs are decoded to 2" row flags, the remaining m MSB’s are decoded to 2™ column flags. The
flags address an array of 2" by 2™ current cells (see Figure 5.2 for n = m = 3). Decoding logic in
each cell switches the current source with the following rules: If the two adjacent rows are both high
(row; and row;41), the current source is turned on, if the adjacent rows are both low, the current
cell is turned off. If the two rows are different, the column signal (col;) is used to determine if the
cell should be turned on, for example, see Figure 5.3 for the 8x8 cell system. The logic at the cell is

(active low):
CELL ON = Hi = (row;+1 OR col;) NAND row;
CELL OFF = Lo = NOT((rowi+1 OR colj) NAND row;)

In most cases more than one cell switches for a given change in input phase so a latch is used within
each cell to ensure that the logic is synchronized with the clock otherwise a glitch will be produced
whenever two or more cells change asynchronously. The power rails on the latch are often used

to decrease the voltage swing [48]. This reduces the voltage change at the source of the switch
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Figure 5.4: The decoding logic necessary for the interpolating thermometer decoder.

the logic at the cell was modified to include a state called AN. The cell receiving the analogue phase
voltage is the cell where both the row and column flags are different. This requires an XOR function

between both adjacent row flags and column flags.
AN = (row,- XOR rowi+1) AND (colj XOR COlj.H)

In addition, the Hi (cell fully on) and Lo (cell fully off) states need to be redefined to ensure that

they are mutually exclusive to the AN state:
Hi = (row; AND row;;+1) OR (row; XOR row;41)col;
Lo = NOT((row; AND row;+1) OR (row; XOR row;41)colji1

With this logic the switches are turned on row by row so at any one time there is a row that is partially
on, (row; XOR row;1). All other rows are either fully on or off determined by (row; AND row;41) .
For the row that is partially on, cells in columns that are flagged as on (col;) will be fully on. The cell
having a different adjacent column flags will receive the analogue phase input (Vphase), and will be
turned partially on. While all other cells in this row will be fully off. Figure 5.4 shows the necessary

decoding logic.

5.2.2 The interpolation current cell

In a segmented system a current cell design is required which can accept three inputs consisting of

a high and low digital signal or the analogue phase signal (Vppese) which interpolates between the
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two digital values. Three designs of a current cell were considered. In the first design two current
switches are used for each segment. One switch takes the digital signal and the other the analogue
phase signal. The second design is a modification where the reference transistor is shared to create a
three branch current switch. This enables the current source to also be shared with the aim to reduce

power consumption. In the third design a three state analogue voltage switch is used to create the

input to an otherwise conventional current cell design.

Two switch cell design

tme

Lou i
Analogue phase vollage

Viigh V high
Vres V.
in
V_in_ Analogue
Viow Digital Viow

time 1deal switch
controlled by An

time

Thias

L

Figure 5.5: The two switch cell design. All four current switch transistors are the same size and
the two current source transistors have the same number of unit transistors to ensure the current is
equal. The phase voltage is drawn to represent a phase word of 1 for clarity here. For most phase
words the phase voltage will be more discontinuous.

In the first cell design two current sources are used, Figure 5.5, one to perform the conventional
digital step transition and the other to interpolate between the two levels of the digital step. The
advantage of this system is that a nonlinear DAC with a conventional thermometer decoder can
be used to generate the digital step transition. The analogue interpolation can be introduced by a
separate current source and switch, addressed by the modified thermometer decoder. In effect this
method combines the two DACs of Figure 5.1 into a single nonlinear array. The current switches
share the same current and voltage reference to minimise mismatch. The output is combined to form
I.t. The major drawback of this type of current source is that it consumes twice the necessary power
and area due to its dual current source design. Therefore the maximum efficiency achievable is 50%

and more efficient current cell designs were considered.
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Figure 5.6: The three-branch current switch design. The response to a phase word of one is shown
for clarity. Most phase words would result in a more discontinuous response.

Three branch cell design

To reduce the size and power dissipation of the current cell a modified design with a three-branch
current switch was considered, Figure 5.6. This design shares the reference transistor and the current
source between the conventional and interpolation circuits. One branch takes the analogue phase
input, another the digital input and the third is held at a reference. A switch is inserted in the current
path of the analogue branch to prevent the digital and analogue controls competing (Figure 5.6).
The switch requires a large voltage swing to completely turn off the analogue branch. However this
voltage is coupled onto the common source by the parasitic capacitance, Vi of the switch devices,
causing glitches at the output. The three branch cell suffers from combining devices in parallel.
Voltage swings associated with current switches need to be small to reduce glitches, however unless
currents are switched completely off, the two current paths will compete and cause errors in the

output.

A three state analogue switch

A design was sought to merge the analogue phase and digital on/off voltages to create an input
which was as close as possible to the ideal inputs used in the MATLAB simulations and the design
requirement. The digital and analogue voltages can be combined on a single differential current

switch by using an analogue switch based on transmission gates (TGs) (Figure 5.7). The transmission
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gate is favoured over single NMOS or PMOS gates for its low on resistance to signals near half the
supply voltage [S0]. TGs are also less susceptible to clock feedthrough as the PMOS device will
absorb the charge that the NMOS device repels as it goes into its cut-off region, (see section 1.6.2).
Three TGs are used to select between the digital voltages (Vg and Vi, and the analogue phase
signal (Vphase)). The maximum of Vi, is equal to Vhign and the minimum of Vpp,s, is equal to Vgy,.
This ensures that there are minimum glitches due to voltage differences between transitions of the
gate input. The analogue switch was implemented using minimum size transmission gates to reduce
clock feedthrough [44]. The digital control signals Hi, An, and Lo are provided directly from the

modified thermometer decoder (Figure 5.4) and are synchronized by using latches.

Hi

(=2 =1

1 bias

vbm_{ E

Figure 5.7: A conventional current cell with a three state analogue switch. The sequence shown in
figure is: Initially Lo is enabled, An and Hi disabled. An is enabled to allow analogue to pass through,
then Hi is enabled to hold the output high. Only one input is switched to the current cell at any one
time. The response of the cell when the phase word is one is shown for clarity, most phase words
result in a more discontinuous output.

cenable settings: Hi
An
Lo

A drawback of this circuit is that when switching between states at low frequency, all three trans-
mission gates may be temporarily off and hence the voltage on the current switch will start to fall as
charge leaks across the gate capacitance. This charge leakage effect is reduced by using static latches

on the thermometer decoded digital signals to ensure that they change synchronously.

It is important that the analogue switch is placed close to the current cell so that the voltage line
between the switch and the gate of the current switch is short and the load on the analogue voltage
switch is minimised. This reduces the settling time by reducing the load. The transmission gates
used in the analogue voltage switch are of minimum size and are not connected to the power rails
and therefore have a negligible effect on static power consumption. By introducing three TGs the

current cell has not appreciably increased in size and power dissipation. As the minimum number of
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analogue transistors are used, mismatch has not been increased and the number of current cells may
be compared to other nonlinear DAC methods. This current cell is the preferred design that is used

in the following circuit simulations.

5.2.3 Device sizes

The dimensions of the transistors are determined by the allowable variations from work in Chapter
3. For a variation in Iy, of less than 0.4%, a device area of 3542 is required at a gate voltage of
1V. Devices that are long and thin exhibit less mismatch hence unit devices of W/L = 1u/35u were
used in each current cell. The number of unit devices in each current cell are the truncated Ip;,s

parameters given in Table 3.3.

In the switch devices the V; mismatch dominates the effect of 8 mismatch and hence the requirement
for V; uniformity determines the area of the switch devices. Using Equation 3.1 an area of 6.25u2
is required to reduce V; mismatch to 1% of the minimum input voltage swing. The voltage swing is

chosen to be 200mV, as discussed in section 4.2.1. The sizes of all the devices are given in Table 5.1.

Cell W/L um Cell W/L pm Cell W/L um Cell W/L pm
land 64 | 1/4.5 9and 56 | 2.85/1.5 | 17and 48 | 5.1/1.5 | 25and 40 | 4.3/0.95
2and 63 | 1.2/3.5 | 10 and 55 3/1.5 18and 47 | 5.1/1.5 | 26and 39 | 4.4/0.95
3and 62 | 1.8/2.5 | 11and 54 | 3.45/1.5 | 19and 46 | 5.55/1.5 | 27 and 38 | 4.4/0.95
4and 61 | 2.4/2.5 | 12and53 | 3.6/1.5 | 20and 45| 5.55/1.5 | 28 and 37 | 4.4/0.95
5and 60 | 2/1.95 | 13and 52 | 4.05/1.5 | 21 and 44 | 5.7/1.5 | 29 and 36 | 4.6/0.95
6and 59 | 2.4/1.95 | 14and 51 | 4.2/1.5 | 22and43 | 4/0.95 | 30and 35| 4.5/0.95
7and 58 | 3/1.95 15and 50 | 4.35/1.5 | 23 and 42 | 4.1/0.95 | 31 and 34 | 4.6/0.95
8and 57 | 3.2/1.95 | 16and 49 | 4.8/1.5 | 24and 41 | 4.2/0.95 | 32 and 33 | 4.5/0.95

Table 5.1: The actual dimensions of the current switches in the 64 cell segmented system. The values
change between current cells to ensure the ratio Iy;,s/3 ratio is constant as a constant Vpp,. is used
and the technique is based on Equation 2.3. Again it proved difficult to keep all the devices the same
area and for the layout it was more practical to base all devices on six different lengths.

The active area of the 64 cell segmented system was 0.4mm? over 500 times larger than the compact
systems due to the overhead of the thermometer decoding logic and latches. To put this in perspec-
tive, this system is of interest as a significant improvement over state of the art frequency synthesizers
that typically require in the order of Imm? active area [20, 60] where a 16 bit accumulator usually
consumes 20% of the active area [21]. Thus the active area of the a DDFS system based on 64 cells

would be approximately 0.6mm?.
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5.3 Low frequency circuit simulations

In Chapter 3 MATLAB was used to investigate truncation of the parameters of the nonlinear interpo-
lation model based on Equation 2.3 to determine the number of unit current cells in each current cell.
The truncation degraded the SFDR to —72dBec. An array of 64 current cells was simulated in Cadence
at low frequency with the truncated parameters of Table 3.3 and Table 5.1. To ensure any distortion
was solely caused by non-ideal transistor behaviour in the current cells, 64 ideal, piecewise linear,
input voltage sources were used to create the input voltage in these initial circuit simulations. Each
input voltage swing was chosen to be 200mV as a tradeoff for phase accuracy and limited voltage
supply. All current cells shared the same reference voltage of 2V. This simulation produced a result

of SFDR, — 72dBc, with the 5* harmonic the dominant spur at a bias voltage of 1V.

5.3.1 Comparison with MATLAB simulations

The cells of the 64 cell system can be linearised due to the thermometer decoding architecture. The
tradeoff of performance and efficiency shown in the MATLAB simulations in section 2.3.2 was tested
by increasing the bias current with the input voltage range fixed. Unlike the MATLAB simulations of
Chapter 2, there is no longer a smooth tradeoff of performance and efficiency. This is caused by the
truncation of the parameters in Chapter 3 that determined the number of unit current sources and
equalised the area of the current switches. The effect on the trends of the dominant harmonics with

bias current can be seen in MATLAB simulation after truncation, Figure 5.8.

The decrease of the 127*"* harmonic with increased bias current corresponds to the efficiency trade-
off seen in the MATLAB simulations before truncation, Figure 2.10. Increased bias current causes
linearisation and hence less efficiency. When the bias voltage is low (0.5V) the efficiency is high
(95%), when the bias current is increased the efficiency decreases, for example at 0.8V the efficiency
has dropped to 50%. When the bias currents are increased further the approximation error from
truncation becomes dominant and the 37¢ and 5** harmonics increase in power. The optimum SFDR
is —75dBc in MATLAB simulations, this corresponds to an efficiency of 35%. In the Cadence circuit
simulations the dominant harmonics follow a similar trend and the best case SFDR is —72.4dBc
at Vies = 1, Figure 5.9. The power efficiency of the system was 95% at a bias voltage of 0.5,
SFDR —53dBc, 75% at a bias voltage of 0.7V, SFDR —60dBc, and 48% at a bias voltage of 1V
where the SFDR was —72.4dBc. Hence there is broad agreement between the Cadence and MATLAB

simulations. However the effect of truncation of the parameters restricts the range of a trade-off
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between SFDR performance and power efficiency for a particular design. Therefore the prototype

circuit was designed for operation at the optimum point after truncation, at a bias voltage of 1V,
SFDR —72.4dBc and efficiency 48%.

5.3.2 Confirmation of the effect of variations

The control of parameter variations by appropriate sizing of transistors was confirmed in Cadence

with variation parameters based on the Pelgrom model (see Section 3.2), which have been measured

by the manufacturer from processing runs. 100 Monte Carlo simulations were run with a current

source bias voltage of 1V. The results indicate a yield of 95% for systems with SFDR —70dBc and

100% for —65dBc SFDR. The 127%* harmonic is the most powerful as variations in the threshold

voltage will cause mismatch in the interpolated output current from each cell, introducing the 128

steps per period that is related to the number of current cells. This is similar to the sampling effect

seen in the compact systems in Chapter 2. In agreement with MATLAB, the 5!* harmonic is the next

most powerful. This was caused by accumulated errors in the truncated parameter set.

5.4 High frequency and mixed signal circuit simulation
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Figure 5.10: The 64 cell system detailing the use of all 13 phase bits required to avoid phase trunca-

tion.
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The low frequency simulation results using an ideal phase DAC are promising and match the perfor-
mance achieved in MATLAB. To examine the influence of transient effects and the effect of loading on
the phase DAC the full system was simulated using the mixed signal simulator. The complete archi-
tecture to implement the 64 cell system, including all peripheral circuits, is illustrated in Figure 5.10
where the three state analogue switch allows the digital phase address and analogue phase voltage
to be used with a single nonlinear DAC. The 7 MSBs are used to select the nonlinear DAC cells that
contribute to the output. The next 6 phase accumulator bits are used in conjunction with a linear

phase DAC to construct an analogue voltage that drives a particular current cell of the nonlinear

DAC, (see section 5.2).

The 6-bit linear phase DAC is similar to those considered in section 4.4.2 and is required to bring
the total number of phase bits up to 13 to ensure that the system is not limited by phase truncation.
The phase DAC is required to drive only one current cell at a time hence the gate capacitance is
less than in the compact systems, however due to the larger circuit size more track capacitance is
expected. The areas of the transistors in the switch devices were designed to be approximately equal
to ensure that they represent an approximately equal load to the phase DAC. In the process used Cy;
is 0.5f F/u? hence the capacitance of one switch and the parasitic track impedance was estimated
at less than 0.1pF'. A binary encoded 6-bit phase DAC was used in the following simulations with a
bias current of 2002 A as this current level is found to be sufficient to drive a load of 0.2pF in section
4.4.2. The settling time of the analogue interpolation voltage signal was examined and found to limit
the bandwidth to less than 500M H z in this design. The settling time is shown in Figure 5.11 and is

approximately 2.5ns which is 25% of the clock frequency at 100M H z.

Mixed signal simulation results of the complete systems with an estimated load of 0.1pF on the
phase DAC are in good agreement with the low frequency and MATLAB predictions. For simplicity
the accumulator was initially programmed with a phase word of 1, so that the system generated a
synthesised frequency of fx/8192. With a clock frequency of 1 MHz, a SFDR of —72.2 dBc was

obtained.

The frequency spectrum of the output showed a dominant spur at the 5 harmonic in agreement
with MATLAB and the earlier Cadence simulations. As expected the SFDR of the system decreased at
higher clock frequencies when glitches become the dominant source of errors. The results in Table 5.2
suggest that the design is robust for f.;; up to 100M Hz. A prototype system was therefore designed
to allow the system to be characterised over a wider range of input words. Although there is a slight

degradation in SFDR, the SFDR is better than existing systems (Table 1.3) by approximately 10 dB
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5.5 Power dissipation

Component Current Voltage Supply | Power Dissipation
(A at 100MH2) W) (UW/MHz)

Nonlinear DAC 200 3.3 6.6
Linear Phase DAC 200 2.6 5.2
13-bit XOR Complementor 6.5 3.3 0.2
13-bit Accumulator 65 3.3 2.1
Thermometer Decoder 100 3.3 3.3
Total | 17.4

Table 5.3: Power dissipation breakdown of the 64 cell system. The total power dissipation is more
than four times less than state of the art systems (see Table 1.3).

The total bias current for best spectral purity in the 64 cell system was 2004 to operate the system
at 100M Hz. The large current for the phase DAC is acceptable as it can operate from a lower supply
voltage. Low power accumulators that use paralleling and pipelining (see Appendix A) are able to op-
erate with less than 0.05uW /M H z per bit. Hence the expected power dissipation is 0.018mW /M H z

(Table 5.3), less than a quarter of state of the art systems, Table 1.3.

5.6 Summary

Circuit simulations of the segmented systems are encouraging. A small binary encoded phase DAC
can be used to create the analogue input phase voltage required for interpolation. In the case of the
segmented system this voltage can be created by using phase bits that are discarded in conventional
DDFS systems to improve the spectral purity of the output. Simulations suggest that transient effects
may be controlled by appropriate use of thermometer decoding, latches and reduced voltage swings.
A modified thermometer decoder has been presented to ensure that the correct cell is interpolating
at any given time. Latches have been used in each current cell to ensure synchronised switching.

While reduced voltage swings are used to reduce the magnitude of glitches.

Three possible current cell designs were reviewed. The most straightforward design consists of an
array of conventional current cells and a separate array of interpolation current cells. This arrange-
ment is inefficient as only one current cell is interpolating at any given time. Hence a design was
sought to combine the two functions into one current cell. The first attempt shared a single current
source between three current switch transistors. This design was unsuccessful as the source volt-

age of the switch transistors was required to be gated depending on the mode of the current cell.
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The second attempt was more efficient and was based on the conventional current cell. A three
state analogue switch based on transmission gates is used on the gate of the input transistor to pass
the phase voltage when required and otherwise to pass the conventional ’on’ and ’off’ values. This
technique ensures that small voltage changes are made at the gate of one of the switches rather than

larger voltage changes in the bias current path. This method is shown to reduce the inevitable output

glitch.

Analogue and mixed signal simulations suggest that the system is able to meet the limit of state of
the art, low power CMOS DACs, —70dBc SFDR at clock frequencies up to 100M Hz. The power
dissipation is estimated to be 18uW/M H z, less than a quarter of state of the art, low power, ROM-
less DDFS systems. The yield of the system with spectral purity of —70dBc is 100% and the power
efficiency is 50%. This gives a 10dB margin of error in SFDR between the requirements of the
UMTS and Bluetooth communication standards. Due to the truncation of parameters required to
implement unit devices the tradeoff of power efficiency for SFDR for bias voltages above 1V is lost,
however at low bias voltages the tradeoff still exists. To meet the Bluetooth low output power class
SFDR requirement of —50dBc the efficiency of the system can be improved to 95% at a bias voltage
of 0.5. Simulations are too time consuming to simulate the effect of all possible input conditions and
transitions. It is expected that SFDR performance will degrade as the output frequency is increased
as the effect of the clock alias spur and its harmonics interfere constructively in the band of interest.
The most efficient way to test this effect is to build a prototype system that can be tested with greater

ease and in real time.
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Chapter 6

Layout and design of the prototype

6.1 Introduction

The simulation results of the compact four and six cell, and segmented 64 cell DDFS systems are
promising and demonstrate the performance improvements possible over existing DDFS systems.
The simulations predict performances that meet the requirements of the applications introduced in
Chapter 1. A prototype system is required to demonstrate the circuit functionality and to measure

the performance over a wider range of operating conditions than was possible in simulation.

A two dimensional physical description of the prototype called a circuit layout must be designed for
prototype manufacture. A careful layout is required for the analogue part of the circuit to ensure that
undesirable effects such as mismatch and crosstalk are minimised. The proposed design contains a
number of novel circuits and techniques, and therefore the layout was not straightforward. The exact

details of the layout will be described in this chapter.

The prototype integrated circuit design has certain constraints. Due to the number of circuits on the
prototype this integrated circuit design is limited by the number of pins available. Pins that do not
carry a critical current may be shared between circuits and bi-directional pads may be used to share
digital pins. Of the circuits that are included only the nodes that are brought out to a pin may be
measured after manufacture. Hence it will be difficult to discover any flaws in the circuits that are
not directly connected to the output pins. For this reason test structures will also be included on the

chip. Due to the ability to share pins these test circuits will not require a substantial number of pins.
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the channel and increased substrate doping at the edges of the channel. These errors cause differ-

ences between the drawn width and length (W and L) and the effective or actual width and length
(Wesr and Legy), [44]:

Weff =W + AW (6.1)

Leff =L+ AL (6.2)

The smaller the devices chosen, the more impact AW and AL will have. In the process chosen

AW = 0.027um and AL = 0.008um.

6.2.2 Bias voltage drop

Bias nodes of matched devices are often assumed to be at the same voltage. In reality the wire that
connects these nodes has a non-zero impedance. The current flowing through the bias line will create
a voltage drop and hence the bias voltage at remote devices will be different to that intended. In an
array of current sources the power supply nodes, ground, Vg4, and the output nodes, are the most
affected by voltage drops as they carry the majority of the current. The bias voltages at the gate
experience little voltage drop as MOS devices consume little current through the gate. To reduce
the parasitic impedance the width of the sensitive bias lines is increased for the higher current lines
and their length is minimised. The least resistive metal layer, (M3) is reserved for the longer wires,
including the ground path, and the width of these paths is chosen to ensure that bias voltage drop is

less than the tolerable variation in V;..; or Vppase.

6.2.3 Device orientation and placement

One cause of local variations is tilt-induced variations in carrier mobility. To reduce the impact of
this effect all critical transistors are arranged in the same orientation so that any direction dependent
variation effects all transistors. Mismatch can also be caused by temperature and oxide thickness
gradients across the wafer and variations in the surrounding silicon. To reduce gradient effects all
critical devices are positioned as close as possible to each other. Devices can also be arranged in
a common centroid pattern to share or average out variations. However this will complicate the

routing of switching signals and is not used for this design.
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6.2.6 Mixed signal design

A high speed, mixed signal design must take into account the effect of all impedances, including
inductance, capacitance and resistance of every connection in the system. This includes the metal
track connecting devices, the bonding pads, bonding wire, the package pins and PCB tracks and
connections. The inductive component of track impedance is less than the resistive component at
frequencies of less than 1G Hz and therefore is usually ignored and the resistance taken as the worst
case impedance. Also, measurement data of inductance was not available from the manufacturer for

the process or package used here therefore inductance was not considered in this design.

Capacitance will limit the frequency performance considerably as there is parasitic capacitance be-
tween all tracks and between each track and the substrate. Combined with the resistance of the
tracks, the track capacitance forms a low pass filter that slows down the edges of digital signals, in
particular the clock signal (clock skew). Due to the reliance on synchronous switching signals in the
current cells, the clock edges and rise and fall times of the digital control signals are important. Any
slew or decrease in rise/fall time or delay will introduce mismatch in the timing of the control signals,

causing glitches in the response of the current cells, degrading the output of the DDFS system.

The coupling capacitance of the metal tracks to substrate is proportional to their surface area, hence
minimum width tracks were used. However the resistance of the tracks is proportional to their aspect
ratio, that is long thin tracks have a higher resistance than long and wide tracks or short and thin

tracks. Therefore tracks that are as short as possible are desired.

The large numbers of unit current cells required to reduce variations between the current sources set
the size of each current cell and hence the 64 cell array. This results in very long thin metal tracks
with considerable resistance. Hence a compromise was made to introduce additional latches and
buffers into the design to reduce the impact of track impedance. For each row of the eight current
cells, the digital bus contains two row select lines, eight column select lines and the clock. The entire
digital bus was buffered at each row using inverters. Additionally, the digital control logic at each

current cell was latched to ensure synchronous operation of the three state analogue switch.
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6.3 Layout of four and six cell systems

The physical layout of the circuits was drawn using the Cadence layout tool, Virtuoso. The four
cell system requires 20 unit devices and the six cell system, 60 unit devices (Table 4.1). To reduce
complexity in the four cell system 22 unit devices (including two dummy devices) were placed in a
row with the gates connected together and the sources connected to ground (Figure 6.3). In the six
cell system, unit devices were implemented in two rows of 32 unit devices (including two dummy
devices) to reduce the length of wires (Figure 6.4). The parameters in Table 4.1 were used to size
the switch devices and the transistors were placed as close as allowed by the design rules to minimise
mismatch. The drain connection of a unit device at either end of the row was connected to ground

to form a dummy device and the source node of the switch transistors was connected to the required

number of unit devices to form each current source.

Minimum width metal wires were used for the voltage bias lines as little current is drawn through
the transistor gates and hence there is minimum voltage drop across the wires. However the power
supply (Vyg and Gpq) and output current I,,; buses were drawn in 2um wide metal to reduce the re-
sistance and hence the voltage drop. The resistance of these lines is approximately 32 corresponding
to a supply voltage drop of less than 0.6mV when I, = 200uA. Similar wires connect Vgq, Gnd and
I+ to their respective pads to ensure minimal voltage drop. At least one substrate connection was
placed next to each device to ensure a low resistance to the substrate to reduce the body effect. All
signal routing was done in the first two layers of metal, reserving the third metal layer for covering
the entire circuit to reduce the resistance between the ground connections seen by each device. A
single ground wire was connected from the circuit to the ground pad. This ensures that the maxi-
mum difference in ground resistance experienced by all devices is less than 0.49Q2. The entire area,

including metal wires, of the four cell circuit was 80u by 30u and the six cell circuit, 1204 by 70u.

6.4 Layout of segmented current cells

To minimise the complexity of the segmented 64 cell system layout, a generic cell was created con-
taining common digital logic, guard rings, the maximum number of unit current sources, the largest
switch transistors and a digital and analogue bus for the common input and output connections. A
single generic cell is shown in Figure 6.5. The cell includes the three-state analogue switch intro-

duced in section 5.2.2, Figure 5.7 which allows the system to be implemented with the minimum
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however the layout of such a system would be more complex.

current | current | current | current | current | current | current | current
cell | cell 2 cell 3 cell 4 cell 5 cell6 cell 7 cell 8

current | current | current | current | current | current | current | current
cell 9 cell10{ cell 11| cell 12] cell 13| cell 14| cell 15| cell 16

current | current | current | current | current | current | current | current
cell 17| cell 18] cell19] cell20| cell 21| cell 22| cell 23| cell 24

current | current | current | current | current | current | current | current
cell 25| cell 26| cell27] cell28| cell29| celi 30| cell 31| cell 32

current | current | current | current | current | current | current | current
cell 32| cell 31| celt30] cell29] cell 28| cell27| cell 26| cell 25

current | current | current | current | current | current | current | current
cell 24| cell 23| cell22] cell21]| cell20]| cell 19| cell 18] cell 17

current | current | current | current | current | current | current | current
cell 16| cell 15| cell 14| cell 13| cell 12| cell 11| cell 10| cell9

current | current | current | current | current | current | current | current
cell 8 cell 7 cell 6 cell 5 cell 4 cell 3 cell 2 cell 1

A

—@Generic current cell

Figure 6.6: Description of the layout of the 64 cell system. 64 copies of the generic current cell
(Figure 6.5) were layed out in an 8 by 8 array. The number of connected unit current source devices
and the geometry of the current switch devices of each cell was then modified corresponding to
the parameters in Tables 3.3 and 5.1. The order of the current cells was chosen to simplify the
thermometer decoding logic.

The 64 cell array contains two sets of identical 32 current cells. The first set increases in order from
cell 1 through to cell 32 across the top four rows and the second set decreases in order from cell
32 through to cell 1 in the bottom four rows. Cell 1 has the lowest current source weighting and

smallest switch transistor sizes (3), while cell 32 has the highest weighting and largest §.

The final chip layout was verified against the simulated schematic using the Layout Versus Schematic
(LVS) software tool. The size of the cell including wires was 150u by 1004. The 64 current cells
in an 8 by 8 array was 1200u by 800u. A substrate contact was placed next to all devices and a
sheet of metal 3 was placed over the analogue elements and connected to ground to ensure a low
resistance ground connection. The largest mismatch in ground resistance seen by any current cell
was 39 which corresponds to a voltage drop of 0.5mV or a variation of 0.05% in Vj;q,. This is within

the 0.4% requirement established in Chapter 3.
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6.5 Design and test plan

The test plan of the prototype chip was specified considering the available chip area, pads and equip-
ment. The circuits of interest were the four and six cell compact systems and the 64 cell segmented
system. The test plan was composed to provide methods of determining faults within the system.

Therefore a test cell and several different architectures were fabricated (Table 6.1).

The decoder test cell contains the local thermometer decoding logic. (Figure 5.4) and a three state
analogue switch, (Figure 5.7). This circuit is within each cell of the 64 cell segmented system. If it
were to fail the entire system would not work and the fault would be difficult to discover. Hence a
separate decoder test cell was included to isolate faults in the local thermometer decoder or analogue

switch that would be difficult to discover by only examining the full 64 cell system.

Prototype circuits of the compact four and six cell systems were included on the chip without a
phase DAC or accumulator due to limited silicon area. The analogue phase voltage and accumulator

function will be provided by external equipment.

Two copies of the 64 cell system are included on the prototype. The first copy is a conventional
nonlinear ROM-less DDFS, conw circuit where interpolation is not used and hence the SFDR is phase
limited to 7 bits. This circuit was included to allow confirmation of the correct operation of the
thermometer decoding logic and current cell sizing. The second copy of the 64 cell system, int,
provides the interpolation required to improve the phase limitation to 13bits by using a phase DAC.
When driven by the phase DAC and the digital low signal, the int circuit provides the interpolation
voltages between the quantised output of the conv circuit. In this way the two nonlinear DACs are
used to form the interpolation system (Figure 5.1). The int system may also be operated without
the conv system by applying both the digital high and digital low signals, to form a full interpolation
DDFS using the minimum number of current cells. This method implements the system described in

Figure 5.10.

6.6 Layout verification

The Cadence verification tool, DIVA LVS was used to compare the layout with the schematics used
in simulation. The LVS tool generates two netlists containing all the device sizes and electrical con-

nections from both the layout and schematic. The schematics were entered as a hierarchical design,
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LExperiment Circuit Equipment Pads
Check Test decoder Digital source 4x digital input
- decoding Clock source 1xclock
logic and Oscilloscope 3x Analogue output
analogue switch Bias supply 4x Analogue bias/reference
Compact Four and Function generator 1x Analogue input
systems six cells Oscilloscope/Spectrum analyser 2x Analogue output
Bias supply 6x Analogue bias/reference
Segmented 64 cells conv NCO 13x digital input
system Clock source 1x clock
conventional DAC Oscilloscope/Spectrum analyser 1x Analogue output
Bias supply 4x Analogue bias/reference
Segmented 64 cells int NCO 13x digital input
system and phase DAC Clock source 1x clock
conventional + Oscilloscope/Spectrum analyser 1x Analogue output
interpolation DAC Bias supply 5x Analogue bias/reference

Table 6.1: Prototype test plan. This test plan was composed to make efficient use of chip area, pads
and equipment while also ensuring that faults could be determined without using a probing station.
All circuits were manufactured on a single chip with 64 pads by sharing most of the digital signals.

where subcells represent the components of the DDFS systems such as the nonlinear DAC, phase
DAC and accumulator. Each of these subcells use the power supply pins which were referenced as
global or virtual power supply nodes (vdd! and gnd!). This means that the schematic subcells do
not display a pin for these subcells as the simulator and verification tool interpret global pins to be
common for all subcells. This method simplifies schematic entry and simulation, however it is up to
the designer to ensure that the power supply connections are made in the layout. The design was
verified at each stage of the hierarchy from device level (discrete transistors, resistors and capacitors)
to chip level for each of the circuits listed in Table 6.1 and the pads. However at each of these stages
the connections between the subcells were tested and the virtual power pins were in fact not verified
as Cadence assumes that virtual power pins are always connected. There are two methods to ensure
the design is correct. One is to flatten both the schematic and layout of the entire chip to device level.
Another is to verify or to simulate the netlist extracted from the layout. The DIVA tool has reported
problems with the first method and in this design thousands of errors were reported, most of which
were in fact not errors. The second method was used to simulate each hierarchy up the chip level.
One advantage of simulating the netlist extracted from the layout is that the parasitic impedances of
the wire interconnections can be included in the simulations. The design kit automatically extracted
the capacitance of the interconnect but not the resistance or inductance. Simulations of the extracted
layout of the compact systems agreed with schematic simulations. However the large number of de-

vices in the segmented system prevented the simulation of an entire output period as the simulation
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was too lengthy. The extracted layout of each component of the segmented system was simulated

instead and the interconnections between the components checked manually.

6.7 PCB and test bench design

A six layer mixed signal PCB was designed to test the prototype chip. The six layers provided isola-
tion between the analogue and digital supplies and dual supply layers for the digital and analogue
test chip sets. The digital chip set included line drivers to convert the 5V signals from the data ac-
quisition kit to 3.3V digital signals, an AEL1200 crystal based oscillator for clock generation, and a
HSP45106 numerically controlled oscillator chip to emulate the accumulator. The analogue test chip
set included a LM317 voltage regulator to guarantee 3.3V supply and OPA655 current amplifiers for
buffering the outputs. Decoupling capacitors ( 10uF and 100uF) were placed close to each of the
chips to provide power supply filtering of all bias signals. For all analogue signals 50Q2 transmission
lines were used to reduce the attenuation of the analogue RF signals. Surface mount devices were
used to reduce the length and hence the impedance of the chip pins. For the prototype chip a surface
mount socket was used to minimise capacitance while also allowing the testing of the 10 samples

manufactured.

6.8 Summary

A physical representation of the compact and segmented architectures has been drawn to form a
layout for prototype fabrication using the Cadence Virtuoso tool. The novel analogue circuits were
designed carefully to ensure that the sensitive parameters were not adversely effected by processing

variations, mismatch and bias voltage drop.

In the segmented system a generic current cell was used to simplify the layout and ensure that the
signal paths of the common signals were equal. Guard rings and latches were used to reduce the
effect of noise and delay. These might have caused unwanted transients at high frequency. The chip
area and number of pads were used efficiently by sharing circuits between test configurations. The
areas of the four and six cell compact systems are very small, approximately a quarter of the size of
a single pad. The use of the generic current cell in the 64 cell segmented system caused this circuit

to be considerably larger, the entire 8 x 8 array was 1200 by 8004.
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Test cells were included on the prototype chip to ensure that faults could be identified. The design
and test plan is given in Table 6.1 in detail with the equipment, peripheral circuits and the number
of pads required by each circuit. This integrated circuit is pad limited and hence it was important to
identify which pads could be shared between designs. The final chip contained five different circuits

in a chip with 64 pads. To enable testing of the chip a six layer printed circuit board (PCB) was
designed to host the chip during testing.
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Chapter 7

Measurement results

7.1 Introduction

The simulation results of the nonlinear interpolation DDFS systems are encouraging. The compact
circuits which are based on nonlinear arrays of four and six current cells are able to meet the re-
quirements of various instrumentation systems. The segmented system uses a nonlinear array of 64
current cells and a novel, three state analogue switch to exceed the performance of state of the art
DDFS systems where the high frequency performance is limited by the performance of low power

CMOS DAGCs.

All simulations are limited in predicting the performance of a circuit design, and hence it is important
to measure a real circuit to confirm a working system. A prototype chip with various implementations
of the novel DDFS systems has been designed with particular attention to minimising variations
between the devices, delays and crosstalk between the analogue and digital parts of the system. The
prototype chip was fabricated in the Austria Microsystems 0.35um CSX process and packaged in a

JLCC (J shaped lead chip carrier) 68 pin ceramic package.

This chapter describes the measurement method required to generate bias and reference voltages
and reports the measurement results. Each circuit is first tested at low frequency to confirm that
the bias and reference voltages have been set correctly, variations have been controlled sufficiently,
and the layout is functionally correct. Then each of the ten manufactured chips are measured to
give an indication of the yield. The yield is compared to that predicted in MATLAB and Cadence

simulations to give an indication of the ability to reliably manufacture working circuits. Finally the
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transient performance of each circuit is measured by increasing the clock frequency and the results

are compared with the predictions of the circuit simulations.

7.2 Low frequency measurements of the compact systems

7.2.1 Measurement method

In all tests a data acquisition system (PowerDAQ PDIO-210 from United Electronic Industries) was
connected to a PC running HPVee and used to generate all bias voltages and timing signals for the
test circuits. At low frequencies a HP 4155B semiconductor parameter analyser was used to generate
the analogue voltage signals and measure the output current. The acquired data was transferred to a
PC over a GPIB bus. This provided a large increase in data storage over that provided by the limited
internal memory of the HP 4155B and allowed the measurements to be automated. MATLAB was

used to calculate the FFT of the acquired waveform 1.

A source measure unit on the HP4155B parameter analyser was used to measure the output current of
the four and six cell compact systems on all 10 manufactured prototype chips. The measurement time
of the parameter analyser is limited by the need to measure current and source voltage alternatively
for each sample. The fastest measurement time of the source measurement unit on the HP4155B is

640us and 800 samples were taken per output cycle to measure an output frequency of 2H z.

As the compact systems on the prototype chip do not include a phase DAC, a voltage output unit on
the HP4155B was used to emulate a phase DAC and accumulator with a phase word of 1. With the
phase word set to one the analogue input is a triangular wave. The transfer function of each chip
was recorded at various bias voltages and the result stored on a PC. MATLAB was used to calculate
the spectrum of each response to compare with the Cadence simulations. The bias range of interest

was from 0.5V to 1.1V as this is the region where the performance is best.

7.2.2 Low frequency measurement results

Figures 7.1 and 7.2 show similar trends in the four dominant spurs between the Cadence simulation

and the chip measurements for a typical four cell system. Both simulation and measurement show

IMATLAB uses the FFTW C library to calculate the FFT. This library allows arbitrary size transforms, where the size is
not restricted to 2" [69).
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that at lower bias voltages the 7" harmonic dominates and at higher bias voltages the 37¢ harmonic
dominates. The small shift in the bias voltage is possibly due to process variation in the threshold
voltage. This possibility is consistent with a shift in the same direction for the six cell system on
the same, typical chip, Figures 7.3 and 7.4. The six cell system also shows similar trends in the
harmonics to simulations. Other chips behaved in a similar manner to the typical chip as they have

all been manufactured in the same process run.

The largest difference between the simulated trends and measurement is the second harmonic in
both systems. The Cadence simulations suggested that the second harmonic is introduced when the
quarter wave symmetry of the output is disrupted either by mismatch or the limited output resistance
of the current sources. The low frequency measurement results are made without an output load as
the HP4155B is able to measure current directly. Hence the second harmonic measured for the
four and six cell systems on the typical chip is the distortion introduced by mismatch and is an
improvement from the typical mean condition that was simulated in Cadence. In some of the other
chips the second and the third, fifth harmonics increased in power. This may be caused by an adverse
effect from variations in the parameters that increase these harmonics. The effect of the variability of
the harmonics on the SFDR was investigated further by examining the yield of the ten manufactured

chips.

7.2.3 Yield measurements of the compact systems

The trends of the dominant harmonics of all ten fabricated chips are shown in Figure 7.5. The
four cell system had a measured yield of 80% for systems with SFDR of better than —40dBc at a
bias voltage of 0.65V for the ten manufactured chips. This is in good agreement with the variation
analysis performed in MATLAB (Chapter 3) and the yield simulations in Cadence (section 4.3.2). For
all 10 chips the trends in the dominant harmonic are similar and vary slightly at the optimum causing
a variation in the optimum SFDR obtained for each system. The optimum bias voltage is between
0.6V and 0.7V and here the dominant harmonic is different for different chips due to parameter
variations caused by mismatch, (Figure 7.5). For chip 1 and 8 the 2?¢ harmonic was dominant due
to mismatch, in the other chips the 37¢ and 7¢* harmonics are dominant indicating that mismatch is
not limiting the SFDR in these chips. At a bias of greater than 0.8V the 37¢ harmonic dominates and

the variation and performance are reduced.

The measurement results of the six cell system in Figure 7.6 also showed similar trends with Cadence
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7.4 Low frequency measurements of the segmented system

7.4.1 Measurement method

As with the measurements of the compact systems the PowerDAQ data acquisition system was used to
set the bias and reference voltages in all measurements of the segmented system. This data acquisi-
tion system also provided the 13-bit digital accumulator output for the low frequency measurements.
Agilent Vee software was programmed to generate the accumulator function. The HP4155B was used
to source the output voltage and measure the output current which was transferred to the PC and
the spectrum calculated in MATLAB. Again this measurement system was frequency limited to 2Hz

due to the limited sampling rate of the source measurement unit of the HP4155B.

7.4.2 Thermometer decoder and three state analogue switch

A test cell containing a single instance of the thermometer decoding logic and the three state ana-
logue switch (Figure 5.7) was included on the chip to test the operation of this novel circuit indepen-
dently of the rest of the system. Correct operation of the test cell was confirmed by measurement at
frequencies up to 1M H z by driving the analogue input with the FG and the digital lines with a clock
generator and observing the response on the oscilloscope. The three modes 'on’, off’ and ’interpolate’

were confirmed by changing the row and column address using switches on the printed circuit board.

7.4.3 Conventional thermometer decoded nonlinear DAC

The segmented system was designed in such a way that it could be configured as a conventional
nonlinear DAC (conv, see Table 6.1) by holding the analogue input with the Vj;4, voltage so that
the system does not interpolate. The segmented system in this configuration was shown to produce
a sine wave output with SFDR of —42dBc at 2H z using the HP4155B parameter analyser. This
result is consistent with a phase limitation of 7-bits and confirms that the row and column (global)
thermometer decoding cells were operating correctly. This result indicates that the current cell sizes
were matched and correctly sized to a percentage error of better than 10% with the spectral purity
of —42dBc (see the yield estimates calculated in MATLAB, Figure 3.4). The dominant harmonic was

the 127*" harmonic in agreement with simulation.
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7.4.4 Novel interpolation nonlinear DAC, segmented system

A second copy of the segmented system (int, see Table 6.1) was included on the chip to implement
the system described in Figure 5.1 where the output of the conventional DAC (conv) is improved
by summing with the output of the interpolation DAC (int). However, when the int DAC circuit
was connected no improvement was found in the SFDR suggesting that the phase DAC was working
incorrectly. The phase DAC signal was not available at an output pin so it could not be checked

directly. Changing each of the 6 least significant bits made no change in output. This suggested a

serious error in the phase DAC layout.

When the layout design was manually checked by inspection it was found that the phase DAC used in
the interpolation circuit was not internally connected to the power supply. This error explained the
observed limitation of the segmented system. The error was caused by one missing via (connection
between two metal layers) out of more than one thousand vias in the layout. The error was not
found before fabrication by the layout versus schematic tool because the power rail of the phase DAC
was connected to a virtual power pin, see section 6.6. To avoid these errors in the future virtual pins
should not be used in sub cells to ensure that every connection in a sub cell connects to a circuit

higher up in the hierarchy.

7.5 Re-fabrication of segmented system

The layout error was corrected by fabricating the segmented system a second time on a multi-project
chip shared with 3 other projects. The number of pads available was limited to 20 so only the inter-
polation circuit could be included in the second chip. The second chip was fabricated 6 months after
the first. During this time the manufacturer changed the process from CSX to C35. The information
provided by the fabrication service required changing some of the digital parts of the design to com-
ply with design rules in the new process such as minimum track widths and minimum spacing rules.

Adhering to the new design rules was the only change requested by the manufacturer.

7.5.1 Measurement setup

To reduce the pin count on the second chip only one interpolation nonlinear DAC (segmented system)

was included with two internal phase DACs, one to generate the interpolation voltage and a copy
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with its inputs tied to 26/2 to generate the reference voltage, V,. - To ensure that V. was always in
the middle of the interpolation voltage range, (Vohasemin t0 Vphasem,,) Doth phase DACs shared the

same current source bias voltage, supply voltage and used equal value resistors. The measurement

method was the same as described in section 7.4.1.

Two critical bias voltages for this design are the external Vhigh and V4, voltages which have to be set
to match the lowest and highest output from the phase DAC, V..., and Vohasenmas- ANy difference
will create a discontinuity in the output signal at each cell transition. The discontinuity appears as a
spur in the output spectrum at the frequency 2N — f,,,; where N is the number of current cells2, 64 in
this design. Hence the 2N — f,,; spur can be used to identify mismatch between ( Vohasemin @aNd Vigy)
and ( Vphasenma, @aNd Viigr). The phase DAC is a current mode DAC with the current output converted
to a voltage using an on chip resistor between the output node and a pin, Vg4, ,.. Hence the full
scale range of the phase DAC output is set by the bias voltage that is connected to the gate of its
current sources and the voltage levels are set by V4, .. To ensure the discontinuity was minimised
the highest output of the phase DAC, V44, Was set equal to Vppgse,,..- This allowed the voltage
Vphasem: t0 be trimmed independently from Vppgse,,... by changing the bias voltage of the phase DAC.
The trimming was performed automatically using the PowerDAQ data acquisition system and Agilent
Vee software. This bias voltage was trimmed by observing the level of the 127%* harmonic as this is

the dominant spur predicted in simulations.

7.5.2 Measurement results

Suppression of the discontinuities by trimming the phase DAC bias voltage pushed the 127" spur to
—T72dBc. For a typical chip the optimum SFDR was —64.5dBc¢ at a bias voltage of 0.75V with the
2" harmonic dominant. The power efficiency was 65%. To investigate the effect of linearity and the
efficiency and performance tradeoff the bias voltage was reduced to 0.7V. The SFDR degraded to

—60dBc and the power efficiency improved to 72%.

To investigate how well the effect of variations has been managed the yield of the systems of the sec-
ond chip run was measured. The variation between the measured responses of the 10 chips from the
second fabrication run is shown in Figure 7.10. At a bias voltage of 0.75V chip5 is has a performance
of better than —65dBc SFDR, however the other chips are limited by the second harmonic to worse

than —65dBc SFDR. The yield is 90% for chips with an SFDR better than —60dBc. The best region

>This is predicted by the Fourier analysis of Langlois [22]
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7.5.3 Mismatch distance effect

One observation is that the second harmonic distortion is greater than 10dB more powerful in the
measurements than in simulation. One cause of second harmonic distortion discovered in simulations
is a loss of the symmetry of the output wave caused by mismatch. Hence the increase in the second
harmonic seen in the measurements may be caused by the distance (correlation) mismatch effect
that is not included in the mismatch simulation within Cadence. The 64 cell system is significantly
larger than the compact four or six cell systems and therefore the transistors are placed further apart.
The 64 cell system contains two sets of 32 current cells that are placed in an 8x8 array in increasing
order in terms of size, see section 6.4. This was done to minimise signal routing and simplify the
thermometer decoding logic. However this pattern places the smaller current cells at a large distance
apart on the chip. To reduce second harmonic distortion due to mismatch it is desirable to have the

smaller current cells closer together as these cells are more susceptible to gradient errors due to their

small size.

The circuit simulations assume that the transistors are placed close together, at a distance that is less
than their dimension (measured from centre to centre) which is impossible in this nonlinear DAC
design. The mismatch effect is also difficult to model at greater distances, changing with transistor
size and orientation [70]. Pelgrom highlighted this distance effect problem and included a distance
parameter in his model. However in this design no indication of how distance effects mismatch was

given by the circuit manufacturer and therefore could not be included in simulations.

To test the hypothesis that the distance mismatch effect is causing the difference between simulation
and measurement, a full waveform period was synthesised in MATLAB by folding the first quadrant
of the measured waveform four times. This process reduced the second harmonic power to 70dB
below the fundamental, and increased the third harmonic by 3dB to —63dBc and the fifth harmonic
by 10dB to —65dBc. This pattern of dominant harmonics is closer to that predicted by simulation,
supporting the hypothesis that mismatch between the two sets of 32 current cells is limiting the
SFDR. Unfortunately the only way to discover the influence of the distance effect is to measure a
fabricated chip and in this case it appears that the distance effect is limiting the performance of
the manufactured prototype. This indicates that it is important to design a system that places the
more sensitive current cells closer together or uses a method that reduces gradient errors such as a
common centroid layout. Nevertheless, given the influence of the distance effect the measurement
results are within 10dB of the designed performance of —70dBc¢ SFDR and 90% of the chips meet the
Bluetooth and UMTS spectral purity requirements of —60dBc.
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7.6 Transient measurements of the re-fabricated segmented system

7.6.1 Measurement method

For measurements at higher frequencies, the re-fabricated segmented system was driven with the
numerically controlled oscillator (NCO) at clock frequencies of up to 33M Hz (the frequency limita-
tion of the NCO chip). The NCO chip was programmed as an accumulator using a set of switches
on the PCB and the phase word was set via the PowerDAQ data acquisition system connected to the
PC. Both the NCO and segmented system (device under test) shared the same clock signal which was
generated by the FG (function generator). The 16-bit digital output of the NCO was monitored using
the digital channels on the oscilloscope. As with the previous measurements the data acquisition sys-
tem was used to set the bias and reference voltages. The output was acquired using the oscilloscope
triggered to the LSB of the NCO output to remove as much timing jitter as possible between the NCO

output and the clock. This was important as jitter is a major source of error in the transient results.

7.6.2 Transient results

In agreement with the measurements at low frequency the SFDR of the transient measurement
setup was limited by the second harmonic to —63dBc up to f,x = 1M Hz. As the clock frequency
was increased above 1M Hz the fundamental and spurs decreased in signal power with the sec-
ond harmonic remaining dominant. The SFDR was constant at —63dBc up to a clock frequency of
far = 10M H z where the noise floor was less than —70dBc¢c. The SFDR was better than —60dBc at
far = 33M H z with the phase word set to 1. At this clock frequency substantial jitter between each
of the digital output lines of the NCO increased the noise floor to —60dBc masking the effect of the

dominant harmonics and degrading the SFDR by 3dB.

The degradation in SFDR as the phase word was increased at f,, = 10M Hz is shown in Figure
7.11. The SFDR is better than —60dBc at output frequencies up to 200kH z, f.;/55 and the SFDR
degrades at higher phase words. The drop in performance due to increasing the phase word is similar
to that found in simulation, section 4.5.2 due to long settling time of the phase DAC. In simulation
the settling time was found to be 2.5ns and this caused significant nonlinearities in the input signal
at frequencies greater than f.; = 50M Hz where the settling time is 20% of the clock period. The
measurement results suggest a settling time of 20ns in the manufactured system as this is 20% of

the clock period at f.; = 10M Hz. This error is likely to be due to an underestimated value for the
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chip and hence its output voltage cannot be measured directly. Improving the transient performance
of this system could be achieved in two ways in subsequent designs. Firstly the output current of
the phase DAC could be increased to allow it to drive the track capacitance and switch transistors
of the nonlinear DAC. Secondly an accumulator could be provided on chip to allow testing at clock

frequencies greater than 10M H z to overcome the problem of timing jitter.

7.7 Re-simulation of the 64 cell system using new process parameters

The measurement results of the 64 cell system meet the spectral purity requirements of Bluetooth
and the UMTS specifications however they are disappointing, worse than the simulation results. The
discrepancy between the dominant harmonic, 2™ or 5t*, can be explained by the distance mismatch
effect (section 7.5.3), however the resulting SFDR is still 5d B worse than in simulation and there is

a large voltage shift in the optimum bias voltage.

During the design of the second chip the manufacturer advised that the difference between the
two processes (CSX for the first chip and C35 for the second chip) only affected the design rules.
However, after the second run it was discovered that this was not the case. The process parameters
had also been changed and had not been released before the second chip fabrication. The digital
cells were unaffected by this change, however the key parameters in the analogue cells changed
substantially. For instance there was a 7% decrease in V; and 4% increase in 8. These together with
other changes caused a 2.5% change in I above threshold and a 10% change in I, in subthreshold.
More importantly the difference between drawn and electrical geometry was worse. In the new
process, C35, AL = 0.09um and AW = —0.05pum whereas in the original process, CSX, AL =
0.008um and AW = 0.027um. This change means that the lengths chosen for the switch devices will

be less accurate leading to distortion of the output signal.

The low frequency simulations of the segmented system were repeated with the C35 process param-
eters. The best SFDR was —66.6dBc at a bias voltage of 0.8V, limited by the 5! harmonic. This was a
degradation in SFDR of approximately 7dB due to the changes in the process parameters. This shows
that the seemingly unimportant changes have a substantial detrimental effect on the performance of
the 64-cell nonlinear interpolation DDFS system. These results are closer to those measured and ex-
plain the remaining discrepancy between measurement and simulation. The distance effect (section
7.5.3) explains why the 27¢ harmonic was dominant in the measurements and the change in process

parameters explain why the measured result was approximately 5d B worse.
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To show that the design can be re-adjusted to the change in process parameters the system was re-
simulated in Cadence using the following adjustments. The current source bias voltage was reduced
by 7% to account for the decrease in V;. The increase in B was accounted for by reducing the
output voltage swing of the phase DAC. The degradation in drawn resolution was accounted for by
doubling the width of the switch devices to ensure that the difference between drawn and effective
geometry caused less error in the § parameters. This improved the SFDR to —73dBc, limited by
the 5" harmonic, and efficiency of 45% in better agreement with MATLAB and previous Cadence
simulation results. The improved SFDR could not be measured using the fabricated chip as the device
sizes need to be changed and simulation results are the best method to show the performance that
could be achieved with this system. A third chip could not be manufactured due to time constraints
on this project. Simulations agree with the measured systems and show that this design can be
improved. High frequency simulations were repeated with the C35 process parameters using the
conditions described in section 5.4. The SFDR was —73dBc at clock frequencies up to 50M Hz,
—70dBc at fgr = 100MHz and —68dBc at fo, = 500M Hz. These results demonstrate that this

system is suitable for the intended communications applications, Bluetooth and UMTS.

7.8 Summary

The measured results of the compact systems based on arrays of four and six current cells are in
agreement with both the MATLAB and Cadence simulations from DC to frequencies up to 10M H z.
The SFDR is better than —40dBc for the four cell system and better than —48dBc for the six cell
system at f,,; = 1M Hz. The measurements of these circuits were limited fy;, = 10M Hz by the
settling time of the arbitrary function generator. The simulations indicate that these systems are
useful at clock frequencies up to 100M H z for the instrumentation applications. No power dissipation

measurements could be made as all the circuits share power supply pins to reduce the pin count.

The 64 cell system used a novel three state analogue switch. This was confirmed to operate correctly
at frequencies up to 1M Hz. A conventional nonlinear DAC that does not use interpolation was
also confirmed to operate correctly and was limited to —42dBc¢ SFDR due to phase truncation as
expected. However a layout error meant that the configurations of the 64 cell segmented system
that used nonlinear interpolation were unusable. A second chip was manufactured with the 64 cell
system included. The second design contained a working system, however the performance was not

as good as expected. The best SFDR achieved was —65dBc for one of the ten chips fabricated at
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a bias voltage of 0.75V with a power efficiency of 65%. At the same operating point nine of the
chips were better than —60dBc. After checking the accuracy of the experiment, the circuits were
re-simulated using the parameters for the actual manufacturing process. These new results matched
the experiments. It was therefore concluded that despite the reassurances of the manufacturer a late

change in the manufacturing process (from CSX to C35) has significantly changed the performance

of the system.

Transient measurements of the 64 cell segmented system were limited to 10M Hz due to the jitter
limitations of the off chip accumulator (NCO). The SFDR was constant at —63dBc for clock frequen-
cies up to 10M Hz. By increasing the phase word it was discovered that loading of the phase DAC is
the reason for the limited performance. From simulation it was expected that the bandwidth would
be limited by the settling time of the phase DAC to clock frequencies of up to 500M H z, however this
result could not be confirmed due to limitations in the measurement setup. Measurement at higher
frequencies could be achieved in future designs by including an accumulator on chip and increasing

the output drive of the phase DAC.

The important conclusion from the measurements that could be made of the segmented system is that
it is robust to errors caused by changes in the manufacturing process. Amid the unexpected changes
in process parameters the system was still able to achieve better than —60dBc with a power efficiency
of 65%, the SFDR requirement for the Bluetooth and UMTS communications standards. In agreement
with simulations the efficiency could be traded off for SFDR, at a bias voltage of 0.5V the efficiency
is 88% and the SFDR was —50dBc, the requirements of the low output power Bluetooth classes.
Further simulation results using the C35 parameters have shown that this system can perform in at
least two operating regimes. Spectral purity of —73dBc with efficiency of 45% in close agreement
with the circuit simulations predictions of the CSX process and the efficiency can be improved to 75%
with a drop in performance to SFDR, —60dBc, both at 500MHz, meeting both the required spectral

purity and bandwidth of the Bluetooth and UMTS communication standards.
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Chapter 8

Conclusion and further work

8.1 Conclusion

The main contribution presented in this thesis is a novel, efficient method of interpolation for DDFS
that uses the nonlinear response of the CMOS differential switch already present in the high speed
current steering DAC. The nonlinear response provides a smooth transition between the conven-
tional, quantised DAC output. This interpolation may be performed with the conventionally dis-
carded phase bits leading to highly compact and efficient DDFS architectures for application in in-

strumentation and communications systems.

Low power direct digital frequency simulation (DDFS) has many applications. Two particular ap-
plications that have been described are instrumentation systems and wireless communications. Two
examples of instrumentation systems that require wideband frequency synthesis from near DC to
1MHz are dielectrophoresis (DEP) and electrical impedance spectroscopy (EIS). DEP can be em-
ployed to concentrate, separate and characterise cells based on their response to a non-uniform
electric field and would benefit from low power integrated DDFS systems with spectral purity better
than —30dBc. EIS measures the spectral characteristic of objects and would benefit from low power
active sensors that use DDFS systems with spectral purity better than —40dBc¢. Both DEP and EIS
measure effects that vary slowly over a large frequency range and hence the frequency resolution
requirements are low as are the bandwidth and spectral purity. These two instrumentation applica-
tions identify a new application area for compact, low power, low resolution and low cost, disposable

frequency synthesisers. The system presented here is one example of how this need may be met.
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Two wireless digital communications standards were of interest, UMTS that forms the air interface
standard for the third generation of mobile phone standards and Bluetooth the new low power
protocol for short range peripheral devices. These standards use frequency hopping to spread the
spectrum of a limited bandwidth to many channels. Low power operation of synthesizers in these
mobile devices is of importance to conserve battery power. DDFS is attractive for this application
as the resolution and output frequency are digitally defined. UMTS requires a bandwidth of at least
15M Hz and spectral purity of better than —60dBc. Bluetooth requires a bandwidth of 80M Hz
and a spectral purity better than —50dBc¢ SFDR. Spurious frequency dynamic range (SFDR) is the
commonly used measure of spectral purity and is defined as the difference in dB between the wanted

frequency (carrier) and the most powerful, unwanted spurious frequency or spur.

Conventional DDFS systems consist of an overflowing accumulator to generate the phase, a ROM
lookup table to convert the phase to amplitude and a DAC to perform the digital to analogue con-
version. These systems suffer from the approximations used to reduce the size of the ROM and
non-ideal effects of the DAC. High speed, low power CMOS DACs achieve —70dBc SFDR using a
current steering architecture with differential switching and thermometer decoding to minimise the

glitches resulting from unsynchronised transitions and unwanted clock feedthrough.

Minimisation of the size of the ROM is the most active area of DDFS research where an increase in
additional digital circuitry is traded off against a reduced ROM size. Two popular techniques lead to
a saving of two ROM bits by utilising quarter wave symmetry and a saving of a further two bits by
storing the difference between the amplitude and phase. Further approximations using Taylor series,
interpolation and trigonometric identities reduce the ROM by up to 300 times, however the most

efficient method is to remove the ROM entirely.

Langlois and co-workers approximate the sinusoid using piecewise linear segments that are generated
digitally. Moheildin and co-workers use the same approximation but generate the linear segments
using a small linear DAC and array of nonlinearly weighted resistors. Lee and co-workers store the
phase to amplitude conversion information in a nonlinear current steering DAC. The conclusions
following this review indicated that the most efficient form of DDFS minimisation is to approximate
the sinusoid output using a small number of segments and to implement the design using current

steering DACs to allow the highest bandwidth operation achievable in CMOS.

The novel DDFS design used in this design utilises the first order nonlinear response of a current
cell consisting of an ideal current source and differential current switch. A single such cell was able

to achieve an SFDR of —45dBc when driven by a triangular wave. This surprisingly good result led

125



to the investigation of the performance of nonlinear DACs based on small numbers of current cells.
Two architectures were identified, a compact architecture for the instrumentation applications and
a segmented architecture for the communications applications. These systems used the current cells
in the nonlinear DAC more efficiently than previous designs by carefully controlling the nonlinear
response of each current cell by using phase bits that are discarded in a conventional DDFS. The
compact cells are 100% efficient as all the bias current is used to form the output. The only extra
component was a linear DAC and hence the power consumption was reduced by up to 10 times over
state of the art designs, Table 8.1. The compact systems consisted of a nonlinear DAC, a small linear
phase DAC and an overflowing phase accumulator. MATLAB simulations of the compact architec-
ture suggested two systems based on the nonlinear interpolation technique for the instrumentation
applications. One system with a nonlinear DAC of four current cells achieved an SFDR of —40dBc¢
up to output frequencies of 1M Hz for DEP and consumed only 5uW/MHz. A system with a six
cell nonlinear DAC achieved —48dBc for output frequencies up to 1M Hz for EIS and consumed only
8uW /M H z. The linear phase DAC was the dominant source of power and area consumption of these
systems contributing half of the power consumption and over four times the area. Previous ROM-less

DDFS are summarised in Table 8.1 along with the systems presented in this work.

Author Segments Power Fuk SFDR | On chip | Active area

(mW/MHz) | (MHz) | (dBc) | DAC (mm?)

This work (6 cells) 12 0.008 100 -50 Yes <0.01
This work (64 cells) 128 0.018 100 -72 Yes 0.6
Mohieldin [60] 8 0.08 100 -59 Yes 1.4

Langlois [56] 8 0.1 125 -60 No 0.011
Bellaouar [21] 16point ROM 0.3 30 -60 No 0.9
Lee resistor string [59] 96 0.4 230 -55 Yes 1.6
Lee current mode [20] 192 0.8 300 -62 Yes 1.4

Table 8.1: A comparison between the work presented here and recently published, state of the art
low power ROM-less DDFS systems. The active area comparisons include a phase accumulator with
a phase input word of at least 16 bits which accounts for 20% of the area in some state of the art
systems [60, 21]. Except for the 6 cell system that does not include a phase accumulator as it is not
intended for applications that require fine frequency resolution. Based on state of the art systems a
16-bit phase accumulator would add an area of 0.2mm?, [21].

The nonlinear interpolation technique was extended to a segmented architecture with 64 current
cells. The result was a system with a SFDR of better than —70dBc. The larger number of current
cells required the use of a modified thermometer decoder. The additional benefit of the thermometer
decoder was the ability to make the response of each cell more linear which improves the spectral
purity when more than 16 current cells are used. This reduced the power efficiency as all the bias

current was no longer used to form the output. A target efficiency point of 50% with SFDR of —72dBc
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was chosen as state of the art low power CMOS DACs are limited to —70dBc¢ SFDR. This system was
over 200 times larger than the compact systems however the area consumption is not excessive

when compared to state of the art DDFS systems (Table 1.3), particularly noting that [56, 21] do not
include a DAC.

These systems were sensitive to the unwanted mismatch inherent in CMOS processes as they re-
lied on matching both the nonlinear weighted current sources and the nonlinear weighted gains of
the current switches in the nonlinear DAC. Mismatch was controlled using the Pelgrom model to
specify the minimum allowable transistor areas. The allowable mismatch was modelled in MATLAB
and the device sizes confirmed in Cadence Monte Carlo simulations. Unit devices and gain parame-
ters were selected using MATLAB and the result of this truncation of parameters reduced the linear
performance of 64 cell system to —72dBc. Cadence simulations were used to analyse the effect of
transients and glitches on SFDR and the performance was better than —72dBc at Fy, = 100MHz

with 18uW /M H z power consumption.

A custom layout prototype was required to measure the real performance. One sample of each of the
four and six cell circuits was included on the prototype. Each was about the size of a single pad and
no phase DAC was included to simplify measurements. One copy of the 64 cell system was included
with two matched phase DACs to reduce the number of reference voltages. A custom layout of the
circuits was made with careful attention to reducing bias voltage drop and guard rings were used to

minimise crosstalk.

The measurement results of the four and six cell systems confirmed the Cadence transient simulation
results and showed that these systems are capable of implementing the instrumentation systems DEP
and EIS with a high yield. The SFDR is better than —40dBc for the four cell system and better than
—48dBc for the six cell system at f,,; = 1M Hz. The power efficiency of these systems is 100% as all
the bias current is used to form the output current. The 64 cell, segmented system was measured at
far = 10M H z with an optimum SFDR of —60d B¢, with an efficiency of 65% for 9 out of the 10 chips
manufactured. In agreement with simulations the efficiency could be traded off for SFDR when the
efficiency is improved to 88% the SFDR degrades —50dBc. The loss in optimum performance was
due to both the distance mismatch effect and a change in all the process parameters, particularly an
increase in the difference between drawn and electrical geometry. Further simulations showed that
it should be possible to build a system with SFDR of —73dBc by increasing the size of the switch
devices within the nonlinear DAC and using a layout structure such as a common centroid scheme

that minimises the distance effect. Despite the loss in performance from simulation to measurement,

127



the measured system still met the UMTS and Bluetooth spectral purity requirements as intended.

Overall the results of the 64 cell system are disappointing because of the distance effect and a change
in the process parameters. A more promising avenue is the new area of biomedical applications that
call for compact, disposable and low power frequency synthesisers. The compact systems presented

here fit the specifications of such systems, DEP and EIS at a tenth of the power consumption and size

of state of the art systems that include a DAC.

8.2 Further work

The compact system based on an array of four current cells is suitable for application in dielec-
trophoresis (DEP). The requirements of the system are a spectral purity of better than —30dBc and
bandwidth of 1M H z output frequency (section 1.5.2). The compactness of the four cell system
makes this circuit ideal for the manufacture of arrays of large numbers of DEP electrodes and the
digital tunability of the output frequency means that the frequency can be changed accurately to
characterise cells. Phase resolution requires that at least 5 phase bits are used from the accumula-
tor and amplitude resolution requires at least 4-bit phase DACs for —30dBc. To allow a margin of
error 7 phase bits should be used. The system is limited in size reduction by the requirement for
an accumulator, phase DACs and the pads. If further development suggests that the system does not
require the frequency resolution offered by the accumulator and phase DAC, these components could
be replaced by a more compact dual slope generation circuit. The number of pads required by the

system may be reduced by using a resistive ladder to generate the reference and bias voltages.

DEP requires the generation of electric fields from signals of greater than 10V peak to peak [6]. Low
power CMOS processes are usually limited to voltage levels of less than 3.3V due to the small oxide
thickness. However some processes (such as the AMS C35 process used for this design) have high
voltage transistors with greater oxide thickness extending the voltage levels to 15V for the processes
used in this design in particular. The high voltage transistors can be used to shift the output voltage
to 15V, Figure 8.1. The 15V transistors are biased with a gate voltage of 5V and act as cascode
transistors to ensure that the drains of the current switch transistors are at 3.3V so that the circuit
operates as designed. The output currents generated by the current cell are I,y and I and are
180° out of phase. These currents flow through the buffer transistors and are generate a 10V voltage
output across the 500k output resistors. Figure 8.1 shows a single current cell, however the same

buffer circuit may be used to convert the currents flowing from an array of any number of current
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Figure 8.1: Differential current switch with 15V outputs.
sources to a higher output voltage.

The traveling wave DEP (TWD) technique requires a phase gradient generated using rows of parallel
electrodes. Each addressed with four sinusoidal voltages at the same frequency but phase shifted
by 0°, 90°, 180° and 270°. The electrorotation (ROT) DEP method requires a rotating electric field
that can be generated at the centre of a chamber surrounded by four electrodes if each electrode is
connected to one of four sinusoidal voltages with relative phase shifts of 0°, 90°, 180° and 270°. The
four cell array of current cells generates two outputs at the same frequency, one with a phase of 0°
and the other 180°. One way of generating the other two output phases is by driving an identical
copy of the phase DAC and four cell array with a digital phase signal shifted by 90°, Figure 8.2. In
Figure 8.2 the top system uses the conventional method of forming a full wave from a half wave by
taking the XOR of the MSB of the accumulator with the remaining bits. The bottom system performs
a phase shift of 90° by replacing the MSB by the XOR of the most significant bit (A < 0 >) and the

next most significant bit (A < 1 >) and inverting A <1 >.

A mixed signal simulation of the method in Figure 8.2 confirmed that four sinusoidal voltages at the
same frequency with relative phase shifts of 0°, 90°, 180° and 270° could be generated using one
accumulator and two sets of a phase DAC and nonlinear array of four cells. The output voltages

shown in Figure 8.3 are promising and further work could lead to an even more compact design.
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Appendix A

A low power parallel pipelined
accumulator

A.1 Introduction

Power consumption in existing DDFS systems is dominated by the ROM required to perform phase to
amplitude conversion. For example, even when ROM reduction techniques are employed to minimise
power consumption in the ROM, it still consumes four times more power than the accumulator [21].
This has led to the development of systems in which the ROM is replaced by a nonlinear DAC [20].

The development of ROM-less DDFS systems [71] introduced in Chapter 1, means that the accu-
mulator is once again a significant drain on the power source. A design is therefore required that
reduces power consumption in the accumulator, whilst maintaining a high update rate.

In this appendix a parallel pipelined architecture is presented that was designed in collaboration
with Michael Chappell as part of his undergraduate work. The aim was to use standard digital cells
to create this auxiliary circuit. The power consumption is reduced by identifying and removing the
redundant circuitry and introducing a dynamic delay element. The use of a hybrid adder to reduce
power consumption is also introduced and detailed simulation results are discussed and used to
justify the final accumulator design.

A.2 The architecture

A.2,1 Pipelining

Many existing DDFS systems include a pipelined accumulator architecture, Figure A.1, which im-
proves throughput over a simple ripple-carry adder based accumulator [72]. The maximum update
rate of a pipelined accumulator is limited by the time it takes for the carry to ripple through the
largest adder in the system (T.-). The size of the largest adders, and hence T, can be reduced by
subdividing the accumulator further. This is done at the cost of increasing the number of pipeline
stages and the number of D-type flip flops (DFFs). DFFs refer to the standard cell D-type flip flops
provided in the AMS digital library.
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Figure A.1: A 24bit, 3 stage pipelined accumulator

In DDFS systems some power saving is made when the number of phase bits is truncated in line with
the spurious free dynamic range (SFDR) requirement [3]. Phase truncation allows the removal of
the post adder pipeline stages. For example, in a 24-bit accumulator with 13-bit output, 19 out of
96 DFFs may be removed. Despite this saving the DFFs still account for 95% of the total accumulator
power consumption.

A.2.2 Paralleling and pipelining

To achieve a saving in power consumption the DFFs need to be used more efficiently. In a DDFS
accumulator the input word usually changes less often than each clock cycle. Therefore several
results can be calculated in parallel. The progression of states technique [73] can be used to develop

System | Flip-flop | Adder | Predicted power
type type uW/MHz bit
1 DFF CMOS 2.25
2 DFF CMOS 1.14
3 DFF CMOS 1.1
4 D, CMOS 0.55
5 D,, (+D2) hybrid 0.50

Table A.1: Comparison of the development stages of the low power accumulator : 1 Pipelined (3
stage); 2 PPA; 3 PPA with unnecessary sum circuitry removed; 4 PPA employing D, elements; 5 PPA
employing hybrid adders and D, elements, also using D, where appropriate.
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Figure A.2: (a) A 24-bit, 3 stage parallel pipelined accumulator (b) Parallel adder block
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a semi pipelined architecture where N parallel adder elements are used to calculate the next N results
simultaneously. This allows the DFFs in the pipeline to be run N times slower providing more scope to
reduce the overall power consumption. The parallel pipelined accumulator (PPA) proposed by Yang
et al, [74] is depicted in Figure A.2 (a). Four adders calculate the next four results simultaneously.
The four carry results are passed from the parallel LSB adders to the parallel MSB adders every f. /4
and the results are placed on an output bus that is wide enough to accommodate all four results

simultaneously. The final part of the system is a multiplexer that is clocked at f.;; and presents each
of the four results to the output in the correct sequence.

The internal architecture of the parallel adder element (Figure A.2), can be derived by considering
the parallel accumulation of an 8-bit word within four accumulator clock cycles (fqx). The first
result, O1, is the previous result plus the PW. The second, 02, is the previous result with the PW
doubled, i.e. shifted by 1-bit. The MSB, 1[0], is shifted out and the MSB from the lower next 8-bits is
shifted into the input, Low([0]. The third, O3, could be computed by multiplication by 3, however it
is more efficient to use the O2 result, creating a series cascade of two 8-bit adders. The fourth, 04,
uses a left shift of two bits to multiply by four [74].

01[0:7)=TI[0:7]1+04' [0:7]

02[0:7]=2.I[0:7)+04" [0:7)=[Low[0],I[1:7]]1+04' [0:7]

03[0:7]1=3.I[0:7]1+04' [0:7]=02[0:7]1+04"' [0:7]

04[0:7]=4.1[0:7)+04"' [0:7]=[Low[0:1],I([2:7]]1+04"' [0:7]

(where O4’ is O4 of the previous clock cycle)

By calculating four results simultaneously this architecture offers a better maximum output rate
than a simple pipelined accumulator. The apparent increase in power required by the additional
components is offset by running each component at a lower speed, in particular the DFFs. The power
consumptions of different types of accumulator have been estimated using the power consumptions
of the standard cells that would be required to create each system. To allow a comparison of the
different architectures the estimated power consumptions for these systems are included in Table
A.1, along with the estimated power consumptions of other systems that will be described later. In
this table the pipelined architecture is system 1 and the parallel pipelined architecture, created from
standard cells, is system 2. The results in Table A.1 show that the estimated power consumption
of the parallel pipelined architecture is approximately half that of the pipelined architecture. These
estimates show that although the parallel pipelined architecture requires more components, its power
consumption is lower. This is because each component can be designed to have a slower response
time and therefore consume less power.

A.3 Low power optimisation

Although the parallel pipelined architecture consumes less power than the pipelined architecture, fur-
ther power savings are possible. The first power saving measure to be investigated was the trimming
of the architecture to match the particular combination of input and output word lengths required
by a DDFS system with 24-bits of amplitude resolution and 13-bits of phase resolution. Savings may
be made by removing the sum circuitry from the majority of the outputs from the lower 11 (trun-
cated) bits. This results in a small power saving of approximately 3% corresponding to the difference
between the estimated power consumptions of systems 2 and 3 in Table A.1.
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A.3.1 Low power flip-flops

IN ouT

clk

5

Figure A.3: Delay element (D), positive edge triggered

In the PPA architecture 70% of the power is consumed by the DFFs. An alternative, low power,
dynamic delay element (D;) was therefore designed. This exploits the operation of an accumulator
in a DDFS system whereby the flip-flops are refreshed every clock cycle. The DFF does not need
to hold its value indefinitely, and a simple ’sample and hold’ alternative is sufficient. The resulting
clocked delay element, shown in Figure A.3, requires only 25% of the power used by the DFF in the
standard cell library. The only drawback is that the delay element inherently produces an inverted
output. Therefore, in paths with an odd number of delay elements an additional inverter is added
to the path. The result is a small increase in the number of components which slightly offsets the
reduction in power consumption achieved by using delay elements rather than the standard cell DFE
However, the estimates for the power consumption of the resulting system (system 4 in Table A.1),
show an overall significant power saving.

A.3.2 Low power adders

With the delay element, (D;) employed in the PPA, the adder elements will account for 40% of the
overall power consumption. Further significant power savings may therefore be possible if a more
efficient adder architecture is also employed.

Previous research has suggested the use of pass transistor logic (PTL) to create low power adders [21,
75]. PTL is suited to performing the XOR operation required to compute the sum, however it is not
advantageous for the logic functions required to calculate the carry [76]. PTL structures are difficult
to use as the output lines draw current directly from the input rather than from the power supplies
as in CMOS. This can be alleviated by using buffers to restore signal levels, however this reduces
the power saving sought from the use of PTL. For this system a hybrid full adder was designed,
(Figure A.4), in which the sum is calculated using complementary pass transistor logic without level
restoration [77]. The carry is calculated using standard CMOS. This is a good arrangement for
an accumulator where the sum signals are immediately restored by delay elements while the carry
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Figure A.4: Hybrid full adder (1-bit). (a) Sum stage. (b) Carry stage.

signals are required to quickly ripple to the next most significant adder.

The power consumption of the hybrid adder is only 50% of that required by the standard CMOS
full adder. However the PTL sum section requires complementary inputs. The basic accumulator
architecture was therefore modified. In particular an inverter is required at the output of some delay
elements and the delay element that drives the feedback path is found to require level restoration
at the input. This required the design of another delay element, D, Figure A.5. The additional
components in D, means that it will consume more power than the D; element. Unfortunately, the
increased power consumption within the pipeline offsets the power savings in the adder. In fact a
comparison of the estimated power consumption for systems 4 and 5 in Table A.1 suggests that the
additional power consumption in the pipeline will almost totally negate the power saving within each
adder element that has been achieved by using PTL.

A.4 Simulation results

The results in Table A.1 are estimates which fail to take into account the different loading of each
component in the two systems which have very similar estimated power consumptions. In particular
the estimated power consumption values are unable to fully account for the current drawn from the

delay elements by the PTL. Consequently it was necessary to simulate both systems 4 and 5 of Table
A.l in detail.

For a typical input sequence simulation results from a Spectre circuit simulator suggest that the
average accumulator power consumption when using a CMOS based adder is 0.46uW/MHz bit.
This compares well with the result for the system that was modified to incorporate an adder based
upon PTL which had an average power consumption for the same inputs of 0.52uW/M H 2z bit.
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Figure A.5: Delay element D, providing level restoration and complementary outputs, positive edge
triggered.

Simulation results therefore suggest that the best design for an accumulator, shown in Figure A.6
combines a pipeline based upon delay elements and adders based upon standard CMOS cells. Simu-
lation results suggest that this system will operate at 800M Hz with an average power consumption
of 8.9mW, when manufactured on a 0.35um process and operated at 3.3V. This corresponds to
a power consumption of 0.46uW/MHz bit, which is less than half the power consumption of the
recently proposed version of this architecture based on standard DFF elements [74].

A.5 Layout of the accumulator

An automatic layout tool called ”Silicon Ensemble” that is part of the Cadence design tool was used
to automatically generate the low power parallel-pipelined accumulator . The automatic tool places
standard cells in rows and then determines a path for the wires between the cells to be routed, if
possible. If the automatic tool cannot find a route for all connections, the designer must increase the
area of the design to allow more space for routing. The automatic tool attempts to reduce the length
of wires to ensure that the impedance of the wires is at a minimum. Timing constraints may be set
on the critical paths such as the clock path.

The standard cells are designed by the manufacturer to generic rules to make automatic placement
simpler and more area efficient. The standard cells are all of the same height with variable width,
a 2um voltage supply V,, track runs across the top of the cell and a 2um ground line runs across
the bottom. The PMOS transistors are placed close to the top half and the NMOS transistors in the
bottom half of the cell. The substrate contacts for these transistors are placed within the 4um supply
lines. This allows the top half of all cells to contain the N-well region, and all cells to be placed
directly next to each other within rows of equal height and the rows to be abutted. This is possible
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Figure A.6: Final low power parallel pipelined accumulator.

by vertically flipping every second row upside down so that the ground lines overlap the ground lines
of the row above and the power supply Vyq lines overlap the power supply Vyq lines of the row below.

To minimise the area of the accumulator design, and aid the automatic layout tool, the custom cells
were made the same height as the standard cells. This allows the automatic placement tool to place
both standard cells and custom cells within the same height rows and allows the rows to abut each
other.

The custom cells used in the accumulator were the D1 delay element and a D1bar delay element
which is identical to the D1 element with an inverter included to provide the complement output
signal. The layouts of these cells are shown in Figures A.7 and A.8. On the left is the clock inverter, in
the middle left the transmission gate switches and middle right the clocked output buffer (compare
with Figure A.3). The large metal regions were drawn to provide a large area for the automatic
router to connect interconnections between the cells.

To use timing constraints, the automatic layout tool uses critical timing information of each cell,
such as the rise/fall times and delay of each standard cell. This information is provided by the
manufacturing plant as a binary file that could not be edited to include the timing information of the
custom cells, D1 and D1bar. Therefore timing constraint driven routing could not be used in this
design. Rather the clock paths were routed as normal (minimum) width tracks, and widened after
automatic routing to enable them to carry the required current for fast operation without electro-
migration (melting). This reduced the resistance of the clock tracks and increased the capacitance
and was deemed acceptable in this design as the architecture of the parallel-pipelined accumulator
allows the clock to be run at a quarter of the system clock speed. The capacitance of the tracks was
estimated and an additional clock generation sub circuit designed to generate the clock signal and
multiplexer signals to drive the estimated track capacitance.
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Thf! accurpulatqr requires an input of 24-bits. To reduce the number of pins required on the prototype
chip, a shift register was used to take the 24-bit input serially from one pin and store the phase word

for the accumulator. The shift register requires two pins one to load the serial data and an enable
signal and therefore saves a total of 22 pins.

A.6 Clock generation sub circuit

Power dissipation is reduced by clocking the D latches at a frequency one quarter of the system clock,
clocks, = fex/4. The multiplexers used to form the accumulator output require one select signal
at the system clock rate, and another at half the system clock rate. These signals are generated
by a clock generation sub circuit. The clock generation sub circuit is shown in Figure A.9. The
combination of the XOR gate and D-latch halves the clock frequency as the output of the D-latch only
changes on the positive clock edge. The output of the XOR gate is always the complement of the
output of the latch and therefore every positive clock pulse causes the output of the latch to toggle,
creating a clock signal with twice the period of the latch clock. Two of these circuits are cascaded to
generate a clock signal with a quarter of the system clock frequency (Figure A.9).

The first four buffers in each path are sized in exponential increments to ensure that the load each is
required to drive is not large enough to slow the clock path [78]. The 8 strength buffers in parallel
are required to drive the large impedance of the clock lines of the parallel-pipelined accumulator
which was modelled as a 309 resistor and 0.4pF capacitor delay line. The series combinations of
buffers are used to ensure the correct phase difference between the multiplexer control signals and
the clock at very high frequencies. This phase difference is only required at frequencies of greater
than 500M Hz. At lower frequencies, the response of the inverters are fast enough to provide rise
and fall times that do not affect the output of the multiplexers. All cells within the clock generation
circuit are standard cells and hence the automatic layout tool was used to create the output.

A.7 Testing of the accumulator

The accumulator was tested using a mixed signal oscilloscope at clock frequencies of up to 80MHz.
The first three MSBs operated independently from the rest of the accumulator suggesting a fault in
the carry signal between the ten least significant bits and the three most significant bits. Apart from
this anomaly the accumulator behaved as expected. No fault could be found in the layout between
the between the third and fourth most significant bit, however one drawback of an automatically
generated layout is an over complicated mix of signal lines that are hard to follow to find errors. The
layout of the accumulator had passed the layout versus schematic check that ensures the connectivity
in the layout is exactly identical to that in the schematic. The layout was also successfully simulated
with the same result as the schematic. A possible fault that could not be checked is incorrect use of
the standard cells.

A.8 Summary

An accumulator optimized for use in direct digital frequency synthesis systems with 24-bits of fre-
quency resolution and 13-bits of phase resolution was presented. Update rates in excess of 800M Hz
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are achieved by careful choice of architecture. Power dissipation is reduced by removing redun-
dant circuitry and by using a delay element suitable for accumulators within a DDFS system. The
static, D-type flip flops used in the pipeline architecture are the dominant source of power dissipa-
tion. Hence the refresh-every-cycle operation of accumulators in DDFS is exploited by using dynamic
delay elements to reduce power consumption.

Attempts to reduce power consumption further by using pass transistor logic within the parallel
adders in the accumulator were frustrated by the need to modify the pipeline structure. Simulation
results suggest that employing an efficient pass transistor adder design actually increases the overall
power consumption. The most efficient design is therefore a parallel pipelined accumulator which
employs a delay element in the pipeline and an adder based upon standard cells.
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Appendix B

Derivations of circuit models

B.1 Derivation of the response of a single current cell

Ioutl Iout2
lbias
y Current Switch
in M M2 Yef 1y

2

lbias Current Source

Figure B.1: The differential current switch.

In order to derive a relationship between the input voltage and output current assume that the two
transistors of the current switch are matched and in saturation (Vg; > Vs — V4). The current flowing
through each current cell using the first order model of MOSFET behaviour:

Ioutl = %(Vm - Vs - th)2 (B.l)
and
— Ba 2
Iout? = ?(Vref - Vs - Vt2) (B.Z)

where V;,, is an input voltage, V,.s a constant reference voltage, V; is the voltage at the source of
the switch transistors, V;; is the threshold voltage of M1, V}, is the threshold voltage of M2, 3, is
the transconductance parameter of M1 and 3, is the transconductance parameter of M2. Iy;,; is the
current provided by the ideal constant current source :

Iias = Tout1 + Tout2 (B.3)
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Assuming that the two switch transistors, M1 and M2, are well matched and have equal 8 and V,
then:

21,
(Vin = Vit)? + (Vies — Var)? = % (B.4)
where Vi = V; — V; Expanding:
21,
(Vin = 2VinVet + Vi) + (Viey = 2Vreg Vg + Vi) = =5 (B.5)
or:
21,
2V = 2Wat(Vin + Voeg) + Vi, + Viyy = =522 =0 (B.6)
solve for V:
v . - 2
Vst — ( n ';Vref) + \/Iblzgas _ (Vm 4Vref) (B.7)

When Vi, = Vs then Vy = Vi, £ ,/iﬂﬁu. V,; should be less than V;, and hence the negative part of
the result is correct. To solve for I, substitute B.2 into B.7:

2
_ ,3 (Vref - Vzn) Tpiqs (Vm - Vref)2
Toyto = 5 5 - 5 1 (B.8)
Which reduces to Iou2 = Ipigs/2 When Vi, = Vi, ! as expected. The solution is complex when
Thigs M < 0. Le. when Iy, > ﬂ—Lﬁi This is when the current cell is turning fully

ﬂ
on, (Ipyso = Ibms) or fully off, (Zpyt2 = 0) and is vahd for both M1 and M2. The condition is just met
when (V; ( - V;‘ef) Hbjas

B.2 Derivations of the effect of variations

The variation in transconductance, 3 is represented as AS and the average is represented by J¢]
(B = B+ AB and B, = 3 — AB). From Equation B.4:

2Iln'a.s

(1 + AIB/B)(Vm - Vst) (1 - A,B/,B)( ref — )2 = B (B9)
where V;; = V, — V; Expanding:
21pias
(14 AB/B)(VE — 2Vin Vit + V) + (1= AB/B)(Vias — 2WresVar + Vi) = - (B.10)
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or:

2V — 2Vit((Vin + Vies) + AB/B(Vin — Viey)) + (V2 + V2;) + ABIB(VE - V) QI%ias _0

(B.11)

solve for V.

Vo = Vint Vres) + OB/PVin = Vo), \/ fos G Vel (s _(agrp)y 12

Following Equation B.8:

Io'ut2 =

2
.B + A.B (Vref - Vzn) - AIB/B(Vm - Vref) Ibias (Vm - V;*ef)2 2\ 2
2 2 R GV (1 a5

(B.13)

Which reduces Equation B.8 when AB = 0.

From Equation B.1 and Equation B.2 variation in the threshold (V;), reference (V,..s) or input voltage
(Vin) can be expressed as AV; as the output currents can be written:

Louti = = (Vin = Vs — (Vi + AVY))? (B.14)

N

and

N

Iout2 = (V;‘ef - Vs — (Vt - AVt))2 (B.15)

and hence Equation B.8 becomes:

2
,6 (Lref -Vi ) A[‘t Ibias ([‘in Lref +A[’t)2
Iy = 5 — — u

5 5 5 1 (B.16)

This equation simplifies to Equation 2.3 when AV; = 0.
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Appendix C

MATLAB Code

C.1 Single, four or six nonlinear current cells

$Programme to generate parameters for nonlinear interpolation
%change N_segments to 4 or 6 for four and six cells.
N segments=1

L=8; %Accumulator phase bits
S=8; %ROM amplitude bits (not used)
W=8; %ROM phase bits

B=L-W; % phase truncated
Cycles min=1;

Delta cycles=1;

Nfregs=1;

gt80=1:1:Nfreqgs;
gt70=1:1:Nfreqgs;
gt60=1:1:Nfreqgs;
gt50=1:1:Nfreqgs;
spur_pos=1:1:Nfreqgs;

peak pos=1:1:Nfreqgs;
max_spur=1:1:Nfreqgs;
Npoints=2"L;

N_lut=2"(W-1);

index=1:1:N_lut;

LUT=1:1:N_1lut;

diff LUT=1:1:N_lut;

Final LUT=1:1:2*N_lut;

Whole sine wave=1:1:2*N_lut;
Full target=1:1:2*N_lut;
cos_wave=cos (pi*index/ (N_lut));
target_wave=1l-cos_wave;

Delta phi=pi/N_segments;
bias=1:1:N_segments;
gain=1:1:N_segments;

phi ref=1:1:N_segments;
beta=1:1:N_segments;
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current=1:1:N segments;

for i=1:1:N_segments

phi_ref(i)=(i-1)*Delta_ phi

bias(i)=1-cos(phi ref(i));
gain(i)=(cos(phi_ref (i)) -cos (phi_ref (i) +Delta phi))/Delta phi;
current (i) = (cos (phi_ref (i)) -cos (phi_ref (i) +Delta phi));

beta(i)=0.45*4*current (i) / (Delta_phi*Delta phi);
end

current=current*curr_scale/l;
dphi=pi/N_1lut
for i=1:1:N lut-1;
phi=i*dphi;
segment _index=fix(phi/Delta phi)+1;
LUT (i) =bias (segment_index) +gain (segment index) * (phi-phi ref (segment_index));
end %Linear
for i=1:1:N_lut-1;
diff LUT(i)=0;
phi=i*dphi;
for j=1:1:N_segments;
phi_r=phi_ref (j)+Delta _phi/2;
diff=phi-phi r;
diff2=diff*diff;
arg=current (j) /beta(j)-diff2/4;
test=current (j) /beta(]j) -diff2/2;
contribution=0;
if test >= 0.00
bracket=diff/2-sqrt (arg) ;
contribution=current (j) -beta(j) *bracket*bracket/2;
else
if diff > O
contribution=current (j) ;
else
contribution=0;
end
end
diff LUT(i)=diff_LUT(i)+contribution;
end %$for j
end % for i
diff LUT(N lut)=diff LUT(N_lut-1);
LUT=diff LUT;
for i=1:1:2*N_1lut-1;
if i<= N_lut
Final LUT (i)=LUT (i) ;
else
Final LUT (i)=LUT(2*N_lut-i);
end
end
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C.2 Segmented system(linear)

$Program for linear interpolation
N_segments = 64;
L=16;
S=10;
W=13;
B=L-W;
Cycles _min=1;
Delta cycles=1;
Nfregs=1
gt80=1:1:Nfreqgs;
gt70=1:1:Nfreqgs;
gt60=1:1:Nfreqgs;
gt50=1:1:Nfreqgs;
spur_pos=1:1:Nfreqgs;
peak pos=1:1:Nfregs;
max_spur=1:1:Nfregs;
Npoints=2"L;
N lut=2"(W-1);
index=1:1:N_1lut;
LUT=1:1:N_1lut;
diff LUT=1:1:N_1lut;
Final LUT=1:1:2*N_lut;
Whole sine_ wave=1:1:2*N_lut;
Full target=1:1:2*N_lut;
cos_wave=cos (pi*index/ (N_lut));
target_wave=1-cOs_wave;
Delta phi=pi/N_segments
bias=1:1:N_segments;
gain=1:1:N_segments;
phi ref=1:1:N_segments;
beta=1:1:N_segments;
current=1:1:N_segments;
for i=1:1:N_segments
phi ref (i)=(i-1)*Delta_phi;
bias(i)=1-cos(phi ref (i));
gain(i):(cos(phi_ref(i))—cos(phi_ref(i)+Delta_phi))/Delta_phi;
current (i) = (cos (phi_ref (i) ) -cos (phi_ref (i) +Delta_phi));
beta(i)= 4*current (i) /(Delta_phi*Delta_phi);
end
dphi=pi/N_lut
for i=1:1:N_lut-1;
phi=i*dphi;
segment index=fix (phi/Delta_phi) +1;
LUT(i)=bias(segment_index)+gain(segment_index)*(phi-phi_ref(segment_index));
end %Linear
for j=1:1:N_segments;
phi r=phi ref (j)+Delta_phi/2;
phi=phi ref (j);

147



diff=phi-phi r;
diff2=diff*diff;
arg=current (j) /beta(j) -diff2/4;
bracket=diff/2-sqgrt (arg) ;
cont_min(j)=current (j) -beta(j) *bracket*bracket/2;
phi=phi_ref (j) +Delta_phi;
diff=phi-phi r;
diff2=diff*diff;
arg=current (j) /beta(j) -diff2/4;
bracket=diff/2-sqgrt (arg) ;
cont _max(j)=current (j)-beta(j) *bracket*bracket/2;
end
for i=1:1:N_lut-1;
diff LUT(i)=0;
phi=i*dphi;
for j=1:1:N_segments;
phi r=phi ref (j)+Delta_phi/2;
diff=phi-phi r;
diff2=diff*diff;
arg=current (j) /beta(j)-diff2/4;
test=current (j) /beta(j) -diff2/2;
contribution=0;
if test >= 0.00
bracket=diff/2-sqrt (arg) ;
contribution=current (j) -beta (j) *bracket*bracket/2;
else
if diff > 0
contribution=current (j) ;
else
contribution=0;
end
end
if contribution > cont _max(j)
contribution = cont _max(j);
end
if contribution < cont_min(j)
contribution=cont min(j);
end
diff LUT(i)=diff_ LUT(i)+contribution;
end $for j
end %$for i
diff LUT(N lut)=diff LUT(N_lut-1);
LUT=diff LUT;
for i=1:1:2*N_lut-1;
if i<= N _lut
Final LUT (i)=LUT(1);
else
Final LUT (i)=LUT(2*N_lut-i);
end
end
Final LUT(2*N_lut)=Final LUT(2*N_lut-1);
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t=1:1:Npoints;

for k=1:1:Nfreqgs;
N_cycles=Cycles_min+(k-1) *Delta cycles;
accum=N cycles*t;

accum=rem(accum, 2"L) ;

rom address=fix(accum/2°B) ;

output=rom_ address;

for i=1:Npoints;

index=rom_ address (i) +1;

output (i) =Final_ LUT (index) -mean (Final LUT) ;
end

out_spec=£fft (output) ;
out_power=20*1o0gl0 (abs (out_spec) /max (abs (out_spec))) ;

C.3 Generation of phase DAC output to program function generator

%Creates phase DAC output for Function Generator
clear all;

L=13; % L-bit accumulator
P=8; % P-bit DAC
PW=33 % Specify desired phase word
steps=2"L;
out=2"L;
out xor=2"P; % before half wave symm.
out xor2=2"P;
vli=steps %maximum voltage
v2=0 $minimum voltage (scale later)
stepsize=(v1l-v2)/steps*PW
for i=1:steps
out (i) =mod (stepsize*i,v1-v2)+v2;
end
out_xor=out; %allocate
k=0; %take half wave symmetry
for j=1:2"L
bin=dec2bin(out _xor(j),L); % convert to binary
for i=1:P %only take P amplitudebits
if xor (bin2dec(bin(1)),bin2dec(bin(i)))
bin xor(i)="1";
else bin xor(i)='0"';
end
end
%bin xor (1) =(bin(1));
out_xor2(j)=bin2dec(bin_xor) ;
end %convert back to decimal
vl=1l; v2=-1;
scale=(v1l-v2) /max(out xor2)
output=scale*out xor2-1;
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C.4 Generation of four different phase outputs from one accumulator

%Shows that four outputs may be generated by a single accumulator and
$four nonlinear DAC (four cells)

clear all;
L=6; %L-bit accumulator
P=5; %P-bit phase DAC
PW=1 %phase word
steps=2"L;
out=2"L;
out_xor=2"P; % before half wave symm.
out_xor2=2"P;
vli=steps
v2=0
stepsize=(v1-v2) /steps*PW
for i=1:steps
out (i) =mod (stepsize*i,vl1-v2) +v2;
end
k=0; %take HWS
for j=1:2"L
$convert to binary
binl=dec2bin(out(j),L); bin2=dec2bin(out(j),L);
bin3=dec2bin(out(j),L); bind=dec2bin(out(j),L);
% shift by 90
if binl(2)=='0"
bin2(2)='1’; %flip second MSB
else bin2(2)='0";
if binl(1)=='1"'
bin2(1)='0";
else bin2(1)='1";
end %$flip first MSB
end; %flip second MSB
%shift by 180
if binl(1)=='0"'
bin3(1)="1’;
else bin3(1)='0";
end; %flip first MSB
$take the 1st and shift by 270
if binl(1)=='0"’
bin4 (1)='1";
else bind (1)='0"';
end; %flip first MSB
if binl(2)=='0"
bin4 (2)='1'; %flip 2nd
else bin4(2)='0';
if binl(l)=='0"
bin4 (1)='0"';
else bin4 (1)='1";
end; %flip 1st MSB
end
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for i=1:P %only take P amplitude bits
if xor (bin2dec(binl (1)) ,bin2dec(binl(i)))
binl xor(i)='1";
else binl xor(i)='0"’;

end

if xor(bin2dec(bin2(1)),bin2dec (bin2(i)))
bin2 xor(i)='1’;

else bin2 xor(i)='0"';

end

if xor(bin2dec(bin3(1)),bin2dec(bin3(i)))
bin3_xor(i)='1’;
else bin3 xor(i)='0"';

end
if xor(bin2dec(bin4 (1)) ,bin2dec(bin4(i)))
bin4 xor(i)='1";
else bin4 xor(i)='0";
end
end

outl (j) =bin2dec (binl) ;out2(j)=bin2dec (bin2)}) ;

out3 (j) =bin2dec (bin3) ;out4 (j) =bin2dec(bin4) ;
out_xorl(j)=bin2dec(binl_xor) ;out_xor2(j)=bin2dec (bin2_xor);
out_xor3 (j)=bin2dec (bin3_xor) ;out_xor4 (j)=bin2dec (bin4_xor);
end

figure;plot (outl) ;hold on;

plot (out2, 'r’); plot(out3, 'k’);plot(out4, ‘g’);hold off;
figure;hold on;

subplot (4,1,1) ;plot (out_xorl) ;
subplot (4,1, 2) ;plot (out_xor2,'r’);
subplot (4,1, 3) ;plot (out_xor3, ‘k’
subplot (4,1,4) ;plot (out_xor4, 'g’
hold off;

) ;
) .

[
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Appendix D

Verilog code for mixed signal simulation

D.1 13-bit accumulator

Simulates a 13-bit accumulator in Verilog

module stimulus;
wire clock, clock_bar ;
reg [0:12) B ; // make 13-bit
wire [0:11] A xor ; // the accumulator output after bit flip
wire [0:12] A out ; // accum output
wire [0:6] row; // row and column registers of them dec.
wire [0:6] col;
//assign clock=0;
initial
begin
B = 13’b0000001000000;
// Display a header
$display ("Ti 012345678 A_out A col row clock clock bar");
// Prints the values anytime a value of A, B or C changes

$monitor ("%0d %b %b $b %b %b %b $b %b", Stime, A out|
0], A out[l:6], ~A_xor[0:2], A xor[3:5] ,col,row, clock, clock bar);

// after 10 simulation units increaseB
//#10 B = 256;
//#20 B = 20'b1000000000000;
//#1 B = 20'b0000100000000;
// Will stop the execution after another 20 simulation units.
#60; S$finish;
end
//main_process
// call accumulator
accum4 accuml 4 (A_out, B);
//call xor
flip flip 1(A_xor, A_out);
//call thermometer decoder
therm therm 1(A_xor[0:5], col, row) ;
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//call clock

clock clock_1(clock, clock_bar);
endmodule

module flip(out, A out);

input [0:12] A out;

output [0:11] out;

reg [0:11] out;

always #1 begin

if (A out[0]) out[0:11] = A_out[1:12]
else out[0:11] = "A out[1:12];
// flip A if MSB is low as we want A xor active low
end

endmodule

module accum4 (A, B);

output [0:12] A;

input [0:12] B;

reg [(0:12] A;

initial A = 0;

always #1 A = A + B;

endmodule

module therm(a, col, row);

output [0:6] col;

output [0:6] row;

reg [0:6] col;

reg [0:6] row;

input [0:5] A;

initial row=0;

initial col=0;

always

#1 begin

//thermometer decoder

//row[0] = 1;

.
’

row[0] = “(“A[0] & "A[1] & "A[2]);
row[1l] = “(TA[0] & "A[1l]l);

row[2] = “(7A[0] & ~(A[1] & A[2]));
row[3] = A[0];

row[4] = A[0] & ~("A[1] & "A[2]);

row[5] = A[0] & A[l];
row[6] = A[0] & A[1l] & A[2];

//row([8] = O;

col[0] = ~("A[3] & “A[4] & "A[5]);
col[1] = ~“(7A[3] & "A[4]);

col[2] = ~("A[3] & ~(A[4] & A[5]));
col([3] = A[3];

col[4] = A[3] & “("A[4] & "Al5]);

col([5] = A[3] & A[4];

col[6] = A[3] & A[4] & A[5];
//col[7] = 0;

end

endmodule

module clock (clock,clock_bar);
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output clock, clock bar;
reg clock, clock bar;
initial clock=0;

always #1 clock = ~clock;
always #1 clock_bar = “clock;
endmodule

D.2 Conventional thermometer decoder

module stimulus;
reg coljj, rowi, rowii;
wire En;
initial
begin
rowi = 0; rowii=0; coljj=0;

S$display ("Ti rowi rowl+l colj+1l En");

1

// Prints the values anytime a value of A, B or C changes

Smonitor ("%$0d %b %b %b %b", S$time,

rowi,

// after 10 simulation units increaseB

#1 coljj =1;
#1 rowi=1;
#1 coljj=0;
#1 rowii=1;
#1 rowii=1l;
#10 $finish;
end
//call clock
local local 1(rowi, rowii, coljj, En);
endmodule
module local (rowi, rowii, coljj, En);

output En;

reg En;

input rowi, rowii, coljj;

always #1 En = ~(” (rowi&coljj) & " (rowi & rowii)) ;
endmodule

D.3 Three state thermometer decoder

module stimulus;
reg colj, coljj, rowi, rowii;
wire En;
initial
begin
rowi = 0; rowii=0; coljj=0; colj=0

$display ("Ti rowi rowl+l colj colj+1 En");

rowii,

coljj,

En) ;

// Prints the values anytime a value of A, B or C changes
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$monitor("$0d %b %b %b %b %b", $time, rowi,
j, coljj, En);
// after 10 simulation units increaseB
#1 coljj =1;
#1 colj =1;
#1 rowi=1;
#1 rowii=1;
#1 coljj=0;
#1 rowii=0;
#1 rowi=0;
#10 $finish;

o®

end

//call clock

local local 1(rowi, rowii, colj, coljj, En);
endmodule

module local (rowi, rowii, colj, coljj, En);
output En;

reg En;

input rowi, rowii, colj, coljj;

always #1 En = (rowi "~ rowii) & (colj ~ coljj);
endmodule
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